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1 Introduction
1.1 Motivation of the Thesis
A fundamental change in the traditional primary energy supply from fossil fuels to utilizing renew-
ables is necessary. In the argumentation there is the assumption of a sustainable future for human-
ity in terms of an unpolluted environment and a worldwide simple and low-cost access to energy
avoiding armed conflicts.
One non-sustainable alternative to meet the energy needs in the next decades is to stick to fossil
energy supply, since the 2006 worldwide production of non-renewable fuels is still a factor of 90
lower than the reserves of non-renewable fuels and a factor of 790 lower than the resources [99](i).
Coal deposits are the major contributors, while nuclear deposits are minor. The conventional
natural gas and oil production will be reduced due to depleted reserves and resources. Peak oil,
the point in time when the maximum rate of conventional global petroleum production is reached,
is projected to be 2020 [99]. This is one out of a variety of studies on non-renewable fuels. The
Association for the Study of Peak Oil and Gas estimates peak oil to 2011 - 2012 [86].
At the same time, the worldwide increase of energy consumption is expected to continue. The
significance is mirrored for example by an estimation of the International Energy Agency, i.e.
a consumption growth of 55% in 2030 with regard to 2005 [55]. These requirements could be
met in the next decades by non-renewable fuels - basically coal - with the consequence of steadily
increasing energy prices due to scarcity and increased extraction effort of the fuels. A second even
more severe consequence would be massive CO2 emissions. In the context of human greenhouse
gas emissions, the fourth assessment report of the Intergovernmental Panel on Climate Change
ascertains [56]: "There is very high confidence that the net effect of human activities since 1750
has been one of warming." Global warming, and climate change respectively, with all its social
and economical consequences must be minimized for a livable world.
Renewable energy sources show the potential to solve the problem of supplying an increasing
total energy need at zero non-renewable energy production. For example the German Advisory
Council on Global Change introduced a sustainable potential of the different energy sources and
found out [129]: "While the sum of sustainable potentials of wind, geothermal, bio and water
energy cannot meet the worldwide energy requirements, the sustainable potential of solar energy
is entitled infinite compared to human needs". Differently spoken, the energy needs of Germany
could be produced by photovoltaics using 7.6% - electricity only 1.5% - of Germany’s surface. The
sustainable potential of renewables is tremendous. An energy supply based on 100% renewable
energy sources is possible and is the sustainable alternative [110]. A strong argument for a fast
(i)Resources are the estimated non-renewable fuel deposits, where the effort for an economic extraction is too high
with today’s technology.
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transition to a renewable energy supply are costs, as identified by the study commission of the
German Bundestag: When comparing costs of different kinds of energy sources, this comparison
must be carried out from a macroeconomic viewpoint, not only the microeconomic one. In most
comparisons the macroeconomic or social costs, e.g. for the consequences of climate change, are
not taken into considerations. "The worldwide energy system will only develop in the direction
of sustainability, when energy prices - at least in the order of magnitude - mirror the ecological
truth." [42].
From the aforementioned coherences several major tasks are derived, which should be of political
willingness. The energy-saving potentials must be tapped, e.g. using thermal isolation of buildings
and energy-efficient vehicles. Since peak oil is near and mobility should be guaranteed, focus
should be put on electric vehicles, resulting in an increased demand for electrical energy, to be
covered by renewables. Another major task is the expansion of renewable energy production on
a large scale, accompanied by research and implementation of energy storage systems. The latter
might partly be realized using a fleet of electric vehicles all having energy storage capability.
This thesis is allocated in the context of expanding renewable energy production using photo-
voltaics. When only taking suitable roof- and facade surfaces into account, the study commission
of the German Bundestag calculated, that a potential exists to cover 38% of Germany’s electricity
production, with the surface potential being significantly expandable by sealed and non-sealed
surfaces, such as traffic areas [42]. The suitable surface potential can be increased furthermore,
when shadow tolerant photovoltaic systems are utilized. To this end, module-integrated photo-
voltaic converters should be developed that can realize maximum power point tracking locally for
each module, resulting in high robustness against photovoltaic-generator mismatching, e.g. rea-
soned by partial shading. Furthermore, the modules with their maximum power point trackers can
be configured and integrated into facades arbitrarily. This work on shadow tolerant photovoltaic
systems should be one contribution to the expansion of renewable energy production and thus, to
a sustainable energy supply.
1.2 Objective and Structure of the Thesis
Different photovoltaic module-integrated system concepts are known today, all showing the prop-
erty of being robust against partial shading. After a brief introduction into fundamentals of pho-
tovoltaics, the classical converter system concepts are presented in chapter 2. The same chapter
includes fundamentals on multi-coil magnetics, as well as basics on the converter design itself,
e.g. including the soft-switched operation concept and the straight-forward design of the switch-
ing cell.
Chapter 3 continues with photovoltaic system concepts with a comparison of the classes of power
conversion concepts within module-integrated converters. The parallel module-integrated con-
verter concept is identified as the most flexible, safe and cost effective solution. It consists of
modules with module-integrated DC-DC converters feeding into one DC-distribution line in par-
allel. Furthermore, a central DC-AC converter acts as link to the mains.
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The critical component, being exposed to the harsh environment at the modules at high lifetime
requirements, is the module-integrated DC-DC converter. Besides acting as maximum power point
tracker, it boosts the photovoltaic voltage vPV in the tens of volts to a constant DC-distribution line
voltage Vdstr in the upper hundreds of volts, as indicated in Figure 1.1.
(tensof
volts)
Lp
Cp
LsCs
(hundreds
of volts)
reff
resonant tank
vPV Vdstr=const
Figure 1.1: Multi-resonant DC-DC converter as maximum power point tracker (power < 200 W;
operation frequency > 100 kHz)
The motivation of choosing this type of DC-DC converter is presented in chapter 4. An impor-
tant design goal for the series-parallel resonant (LLCC-type) converter, being also a multi-resonant
converter, is achieving high converter efficiency. The latter is mandatory in the given photovoltaic
application, not only due to the increased total energy output, but also to reduce operation temper-
ature for achieving a high lifetime. In this context, three major facets of the converter design are
addressed in this thesis in detail:
• Design of the resonant tank comprising five degrees of freedom
• Design of the transformer-inductor device
• Design and analysis of single- and three-phase DC-DC converter solutions
For an optimum efficiency design, the choice of the five degrees of freedom in the resonant tank,
i.e. four resonant elements and the effective transformer-turns ratio, is of major importance. Basi-
cally the amount of reactive power and thus, component stress, is minimized for minimum losses.
It was found out, that first the selection of inductance ratios Ls/Lp should be considered. The main
output of chapter 4 are the design rules for the five degrees of freedom for the single phase as well
as for the three-phase converter.
Once the target quantities and their ratios are fixed for the resonant tank, the transformer-inductor
devices are designed in chapter 5. Due to the optimization results from the previous chapter, a
significant leakage path has to be implemented together with a defined finite main inductance.
With the boundary condition of a low-profile design for the integration on the backside of a pho-
tovoltaic module and the goal of high efficiency, the design leads to special winding and core
configurations. A design procedure is developed, making also direct use of the related design
parameter Ls/Lp.
Three-phase power conversion systems show a variety of advantages. Device stresses are re-
duced thus, size of passive components can be reduced as well. Furthermore, hot spots are less
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likely since the silicon devices can be distributed. In chapter 6 it is analyzed whether this also
accounts for the given application. Besides functionality, unbalance within the three phases of
the constructed prototype is addressed in detail. The chapter concludes with detailed aspects on
how to make use of three-phase DC-DC converter advantages comprising a transformer, and why
the three-phase LLCC-type converter configuration shows significant drawbacks in the considered
application.
The final single-phase prototype is presented in chapter 7. Focus is put on the constructed
transformer-inductor device, as well as on the converter itself. Electrical, mechanical and ther-
mal specifications are addressed. Furthermore, reliability and economically relevant aspects on
the concrete device are stated.
Finally, the most interesting results described in detail in this work are summarized in chapter 8
and conclusions are found. New approaches and ideas came up during the work. They are sum-
marized as future work in chapter 9.
2 Fundamentals
2.1 Local Maximum Power Point Trackers (MPPT)
2.1.1 Photovoltaics related aspects and definitions
Utilizing photovoltaic (PV) energy on a grand scale as motivated means, that the PV power plants
are grid connected systems. One way to feed PV power into the mains is to use local maximum
power point trackers (MPPT). However, the subsequently indicated advantages and disadvantages
of MPPT compared to other systems also apply to island systems.(i) In this thesis the discussion on
maximum power point tracking (MPPT)(ii) is exclusively carried out for grid-connected systems.
All grid-connected PV systems show the structure depicted in Figure 2.1.
Figure 2.1: General block diagram of a grid-connected PV system
Both components, the PV-generator as well as the converter have a conversion efficiency. System
efficiency ηsys is defined as the product of both:
ηPVgen =
PPV
PSol
(2.1)
ηconv =
PAC
PPV
(2.2)
ηsys = ηPVgen ·ηconv (2.3)
The PV-generators consist of PV cells and optionally by-pass and string diodes. Each cell shows
electrical V − I terminal characteristics, which depend on the solar irradiation and on cell temper-
ature. In Figure 2.2(a) typical characteristics are plotted for a single cell at different irradiation
(i)Since most island systems show a dc-energy storage element in the system, MPPT for island systems are even
simplier.
(ii)The abbreviation MPPT is used for both maximum power point tracking as well as -tracker
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levels and temperatures. In data sheets most often data can be found for the Standard Test Condi-
tions (STC), i.e. a solar irradiation of 1000W/m2 and a cell temperature of 25°C.
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(b) Power versus terminal voltage
Figure 2.2: Characteristics of a modern 6" cell as a function of solar irradiation and cell tempera-
ture [95]
Plotting the resulting terminal’s power PPV over the terminal’s voltage, see Figure 2.2(b), the max-
imum power point becomes visible. Larger PV-generators are constructed by series and parallel
connection of cells, scaling up theV − I characteristics. A MPP is still given in each PV-generator.
Maximum power point tracking (MPPT) during the operation means controlling the converters in-
put dc-impedance such that the operation point equals the MPP, maximizing PV power. For that
purpose, the converter has to be capable to operate at a wide input voltage range, mainly due to the
temperature dependency of the cells. A relative voltage variation range of 1 : 2 is necessary [80].
In most cases PV modules are manufactured from cells for the subsequent installation. Today the
size of these modules is usually limited to 250W, since installers have to be able to mount them
on roofs.
The PV-generators efficiency ηconv is theoretically limited by the solar spectrum being only partly
converted to electrical power. Each cell consists of a semiconductor with a pn junction, showing
a specific band gap. A photon can produce the corresponding energy electrically, if it’s energy
matches or is beyond the the band gap energy. If the photon energy is too low, the energy is
lost and converted to heat. The same applies to the photon’s energy beyond the band gap [108].
With the use of tandem- or triple cells, i.e. stacking different pn-junctions, the utilization of the
solar spectrum can be optimized. Other current research activities are carried out on the design
of the cell surface for a minimum optical reflection (antireflection coating), as well as on the
minimization of electron-hole recombinations (e.g. trend to thinner cells both increasing efficiency
and reducing material cost) [76]. Today commercially available standard silicon single-junction
cells show efficiencies over 16% [95].
The converter, performing the MPPT, feeds the dc-power PPV into the mains. Since in most
countries the operator of a PV system is paid for the AC energy output, there is a major interest in
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highly efficient and reliable converters. Note that concerning the converter efficiency, the so called
European efficiency ηeuro takes the regular existence of reduced solar irradiation into account. It
is defined as the weighted sum
ηeuro = 0.03η5%+0.06η10%+0.13η20%+0.1η30%+0.48η50%+0.2η100% , (2.4)
with ηx% being the efficiency of the converter operating at x% of nominal load.
2.1.2 Position within photovoltaic converters - Definition of local
MPPT
When classifying grid connected PV-system concepts by the number of MPPTs per totally in-
stalled power PAC,tot, always one trade-off, visualized in Figure 2.3, has to be considered.
1
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Figure 2.3: Qualitative efficiencies as a function of the installed number of MPPTs per total
installed power PAC
Larger power ratings of converters, i.e. systems with central converters having low values of
the ratio #MPPTs/PAC,tot, offer higher converter efficiencies ηconv and lower specific converter costs.
However, at the same time the PV-generator’s losses increase, i.e. ηPVgen is reduced, since there
is mismatching of the modules, e.g. due to partial shading of the array. In such cases, the PV-
generator’s maximum power is smaller compared to the sum of the maximum power levels of all
PV-generator’s cells. The other way around, MPPTs controlling only a small PV-surface yield a
shadow tolerant system, maximizing ηPVgen. However, the reduced nominal power of the con-
verter tends to a lower ηconv and to increased specific converter costs.
In case of a reduction of the effective generator’s efficiency due to generator mismatching, in par-
ticular due to partial shading, the peak of system efficiency moves to larger values of #MPPTs/PAC,tot.
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This effect, i.e. an advantageous system efficiency for local MPPTs in case of partial shading, is
analyzed in detail in section 7.3.
Classical PV-system concepts
There are three classical groups of PV-systems indicated in Figure 2.3, i.e. PV-systems with cen-
tral converters, string converters or module-integrated converters. However, system combinations
lead to a variety of possibilities, also filling the gaps in Figure 2.3. Today central and string
systems, as depicted in Figure 2.4, are the most widespread PV-system concepts.
(a) System concept with string converter (b) System concept with central converter
Figure 2.4: System concepts using series (and parallel) connected modules
In a system concept using a string converter PV-panels are connected in series, all conducting the
same current. Often the dc-bus voltage is increased such that only a single-stage single-phase volt-
age source converter is necessary. The PV-string’s voltage is determined by the minimum voltage
to feed the mains (≥ 350V)(iii) and by the maximum specified voltage of PV-panels, typically
being 1000V. Note that the PV generator’s relative voltage variation with a factor of 1 : 2 fits well
in this voltage range such that the PV-string can be designed correspondingly.
(iii)In theory the minimum dc-voltage to feed the single-phase 230V,50Hz mains is the rectified grid voltage, i.e.√
2 · 230V. However, the dc-voltage level has to be increased for three reasons: a) grid voltage variations, b)
necessary capability of the controller to momentarily set voltages larger than the grid voltage, c) bootstrap reserve
if applicable. Typical dc-voltages are 350V..400V
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In PV-strings each panel has at least one bypass diode. Many PV-panels show more integrated
diodes, bypassing cell groups of the module. In case of partial shading, the string current bypasses
the shaded cells and thus, avoids losses and heat production in these cells. The PV-system concept
using string converters is widely used on rooftops of one-family houses having power ratings up
to several kW(iv). There is one MPPT for one PV-string, indicated with (2) in Figure 2.3.
In a system concept using a central converter, PV-strings are connected in parallel to an array of
modules. Each string has a string diode in series to avoid a reverse current in case of shading
of a string. Thus, all strings are clamped to the same voltage. Central systems show power rat-
ings from tens of kW up to 630kW [114], with the tendency to larger systems. Although this
system shows the lowest number of converter components, there is one drawback. A typical
single-stage three-phase voltage-source inverter needs a bulky low-frequency transformer because
a three-phase grid connection is mandatory, since the maximum allowable unbalance should re-
main less than 4.6kVA [122]. Thus, the minimum dc-link/PV-generator’s voltage to directly feed
the mains with single-stage converter without transformer is (
√
2 ·400V). Multiplying this voltage
by the factor of two coming from the PV-generator’s voltage variation, the maximum PV-voltage
exceeds the maximum system voltage of 1000V. Consequently, for a single-stage three-phase
grid connection most often a low-frequency transformer is used.
In the central converter concepts, each PV array has one MPPT, indicated with (1) in Figure 2.3.
Due to losses of the low-frequency transformer, the central converter does not necessarily show
a better efficiency compared to string converters. The mechanism of a reduced efficiency due to
transformer losses is visualized with the dotted line in Figure 2.3.
A system concept using module-integrated converters is depicted in Figure 2.5. Each PV-panel
has its own grid connected converter. Hence, these systems with a nominal power up to 250W
are also called AC-modules. A low-cost and safe AC-wiring interconnects each module to the
grid in parallel, such that the total system power scales by the number of AC-modules. Each
single converter performs local MPPT for the specific module, indicated with (3) in Figure 2.3.
Internally, the module has to boost the module voltage to feed the mains. There are no bypass or
string diodes necessary.
PV-system concept variations
The classic PV-system concepts can be combined or modified. Module-orientated converters, in
contrast to module-integrated converters, feed the power of a couple of modules into the mains.
Such systems show one MPPT, e.g. [36] and are allocated between the module-integrated con-
verter systems and the string converter systems. Multi-string converters, like some of the string
converters as well, use a two-stage converter topology. A DC-DC converter performs the MPPT,
a DC-AC converter feeds the power into the mains. Multi-string converters show several DC-DC
converters, i.e. several MPPTs in parallel, all feeding the DC-AC converter [80]. String converters
(iv)For example in Germany the "Verband der Netzbetreiber" (VDN), emerged from the "Verein Deutscher Elektriz-
itaetswerke" (VDEW), recommends a maximum unbalance in feeding the three phases of 4.6kVA [122]. Since
the electric supply companies basically follow the guidelines and define hard limits, the german market for single-
phase string converters is limited to a power of 4.6kVA.
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Figure 2.5: AC-modules: System concept with module-integrated converters
with three phases, e.g. realized in the converter series of Solar-Fabrik, show two significant ad-
vantages [116]. At the cost of a necessary boost stage of the converter, higher power levels beyond
4.6kVA can be achieved and a continuous power flow into the grid makes the need for large energy
storage elements, like electrolytic capacitors, obsolete. However, a complete second inverter stage
is not necessary. There are highly efficient combined 1.5-stage converter architectures executing
MPPT, boost function and grid-feeding at the same time [102].
PV-system concepts with module-integrated converters also show different modification possibili-
ties. The output of each module must not be the AC-grid directly, as will be qualified in the state of
the art below. Furthermore, there are cell-integrated converters for the application of solar vehicles
which control each triple-junction PV-cell in its MPP [131]. A cell-integrated converter prototype,
explicitly for grid-connection, is published and mentioned here. A converter for a large thin-film
tandem- or triple-junction cell with a specified voltage of 1..2V and current of 100..150A was
demonstrated [100]. The two-stage converter with single-phase grid connection demonstrated an
efficiency of 91%. This single-cell concept principally shows the maximum ηPVgen, since the
effect of mismatching due to shading is not existent in a single cell [96].
Definition of local MPPTs
There are different converter concepts performing MPPT in all power levels. Correspondingly, the
term "local MPPT" is not unique. In this thesis, a local MPPT is defined as a converter on mod-
ule level, i.e. one converter is connected locally on the backside of each module or panel. This
module-integrated converter is well suited for today’s standard thin-film, mono- and polycrys-
talline modules with a terminal voltage in the tens of volts and a peak power rating up to 250W.
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As indicated above, PV-systems with local MPPTs show their advantages when mismatching oc-
curs. Such boundary conditions are found e.g. in building and facade integrated PV systems.
General advantages and disadvantages of local MPPT
Module-integrated converters, i.e. the above mentioned AC-modules, generally show the follow-
ing advantages and disadvantages [50].
• Maximization of overall energy output by local MPPT, mismatching-losses, coming from
partial shading or defilement of single modules, are minimized
• Cost reduction due to reduced installation times and costs
• Planning cost reduction due to flexible system design
• Omission of complex and costly dc cabling; use of standard ac system components
• Simplified, expandable system design
• Loss reduction by omission of string diodes
• Elevated specific converter costs
• Costly maintenance (if necessary) due to the building integration
• Redundancy in the system, in case of faults there is only a low drop of energy output
Basically, module-integrated converters are more robust against mismatching, resulting in a higher
ηPVgen. The significance of benefits in the generator’s efficiency depends the specific installation.
Due to the lower power levels of module-integrated converters, converter efficiency ηconv is re-
duced. This effect is already illustrated together with system efficiency in Figure 2.3.
2.1.3 Design goals and requirements - State of the art
For a better understanding of the different improvements of local MPPTs, first some general design
goals and requirements for these converters are listed. Typically, local MPPTs are mounted right
on the backside of each module. Maintenance of the converters often means dismounting of the
complete module. This costly process must be avoided, thus lifetime is the most important aspect
of module based MPPTs. The PV-modules themselves today belong to the most reliable products
on the market, with a power guarantee of typically more than 80% of nominal power after 20
years of operation [112]. Thus, the target lifetime of the converters must be in the range of 20 to
25 years.
Lifetime of power supplies is limited by critical hot spot temperatures and by temperature cycles.
Three general approaches are proposed to extend converter lifetime [81]:
• The thermal resistance to ambient must be minimized by the proper choice of the encapsu-
lation material
• A low profile design of the converter reduces the temperature level and the risk of hot spots,
since a high ratio of surface over volume reduces thermal resistances to ambient
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• The converter should be mounted to the frame - not directly to the backside lamination of
the module - for the following reasons. Converters with their heat production would lead to
mismatching within the module cells, since cells over the converter would show an elevated
operation temperature. Furthermore, elevated temperature leads to accelerated delamination
of the cells within the lamination stack. In addition, frame mounted converters have a very
good thermal conductivity to the typically aluminum module frame, reducing temperature
levels
In that context another essential goal is a high converter efficiency. Less losses do not only mean a
higher overall energy output, but also reduced temperature levels which lead to improved lifetime.
Furthermore, the constructional depth determines the prospects to integrate the module into a
facade or into a roof. This is critical, since PV-systems with local MPPTs show their advantages
on partly shaded surfaces such as facades.
Developments of classical single-phase module-integrated DC-AC converters
The first developments of module-integrated converters were single-phase AC-modules, as shown
in Figure 2.5. A characterization of a commercial converter is presented in [88]. Other commer-
cially available products are offered by Enphase, Mastervolt or Dorfmueller, e.g. [41]. Typically,
the three main converter functions are realized by more than one converter stages. The functional-
ities are a) boosting the module voltage to a level for feeding the mains, b) performing the MPPT,
c) controlling the grid current to be sinusoidal. In [73] the grid current control is implemented us-
ing a pulse width modulated (PWM) voltage source inverter, which also performs the MPPT. The
boost functionality is realized using a resonant DC-DC converter with fixed voltage-to-voltage
transfer ratio. In [52] MPPT is performed by a boost converter. A second-stage push-pull con-
verter with center tapped transformer is used to boost the voltage and to control the grid current
through a subsequent thyristor stage operating at grid frequency. These are only two out of a
variety of possibilities, as clearly being summarized in two review papers, i.e. [64], [68]. The
converters are classified by the number of converter stages, whether they provide galvanic isola-
tion, using a high frequency or a low frequency transformer, by the type of the grid interface and
finally by the power decoupling. The last classification method comes along with the nature of
the single-phase grid connection. An energy buffer is needed since the PV-generator delivers a
continuous dc power and while an ac power is fed into the grid at twice the grid frequency ωgrid.
In most cases an electrolytic capacitor is used for power decoupling. The size of this capacity is
determined by
C =
PPV
2ωgridVCvˆC
, (2.5)
with the average capacitor’s voltage VC and the peak amplitude vˆC of the capacitor’s voltage
ripple [64]. A derivative of AC-modules are modules with a single-phase single-stage converter
feeding a low voltage AC-bus [69]. All AC-modules feed into that bus, the voltage is elevated
using one central low-frequency transformer. However, at low voltages, currents and line losses
are increased correspondingly and costly cabling with large cross sections have to be used.
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Reliability
Amajor disadvantage of most single-phase AC-modules is their limited lifetime. The most critical
component is the electrolytic capacitor. In an exemplary calculation, the failure rate of this com-
ponent exceeds the failure rate of the entire remaining DC-DC converter, including a transformer
by a factor of 6 [81]. There are different approaches to avoid the use of electrolytic capacitors. A
single-phase AC-module is proposed using a film capacitor as energy buffer, allowing a ripple of
125V at an average dc voltage of 475V [105]. Lifetime was calculated as the sum of component
failure rates, yielding a continuous operation life of 9.5 years(v). Taking into account daytime
operation, it is stated that lifetime may as well reach 20 years.
The power decoupling stage can be omitted completely when installing a three-phase grid con-
nection. Due to the continuous power flow, the need for a large low-frequency energy buffer is
obsolete. For the optimization of a three-phase grid connection a 120° double flattop modulation
is proposed [60]. A first conceptual design of a three-phase module-integrated converter is given
in [5]. In contrast to these two-stage voltage-source converter concepts, a three-phase single-stage
current-source converter for high-voltage thin-film modules is proposed [107]. This approach is
addressed in detail in section 3.1.
Concepts comprising DC-DC converters as local MPPT
A different concept that realizes local MPPT, splits the converters in a central grid-connected unit
and local MPPTs, resulting in a local DC-distribution grid. Two modifications of such module-
integrated converter concepts are depicted in Figure 2.6. In this two-stage concept the first stage
is locally connected to the module and performs the MPPT. The second stage is a grid connected
central converter.
The concept with parallel module-integrated converters is proposed in [69], [13] and [71]. The
central grid connected DC-AC converter (without transformer, if applicable) operates as active
front end, controlling its DC input voltage to a constant value. This DC-voltage level now serves
as local DC-distribution system. The DC-DC converters feed the PV-power in this bus. Thus,
local MPP-tracking is possible leading to a high tolerance to partial shading. Using standard low
voltage crystalline modules, the converters have to show a significant boost functionality, usually
realized by a high-frequency transformer.
The concept with cascaded module-integrated converters is proposed in [127] and [71]. The cen-
tral grid connected DC-AC converter (without transformer, if applicable) again operates as active
front end. This system has the advantage that no high frequency transformer is necessary.
This distributed two stage approach has the following advantages:
• A continuous power flow is established in the MPPTs. The DC-DC converters do not need
electrolytic capacitors.
• A cost effective central grid connection is established, without the need for a transformer.
(v)A lifetime of 5.5 years is calculated using an electrolytic capacitor. This corresponds to the results in [81]
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(a) Parallel module-integrated converters (b) Cascaded module-integrated converters
Figure 2.6: Modified DC-bus system concepts using module-integrated converters
• The hardware effort for the DC-DC converter, being costly by trend, is minimized, resulting
in a better reliability of the thermally stressed local MPPT.
Another distributed inverter system is shown in Figure 2.7 [126]. This system also makes use of a
central DC-AC converter and a module interconnection as illustrated in the figure. The advantage
is, that in case of no mismatching, no power will be transferred through the DC-DC converters.
Only the mismatched current is bypassed. A disadvantage is the significantly increased effort for
dc-cabling.
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Figure 2.7: Bypass module-integrated converters (Buck-Boost converter exemplary) proposed by
[126]
2.2 Magnetics
The transformer-inductor device, forming the resonant tank elements with a defined leakage induc-
tance and a finite main inductance in Figure 1.1, is addressed in this thesis for both the single-phase
and the three-phase case. For that purpose, this section defines the magnetics-related nomencla-
ture within the basic magnetic coherences. Especially for the three-phase transformer, the matrix
of coupling inductances of multi-coil magnetics is introduced. The interrelation of the matrix with
the lumped parameters in the circuit topologies is given and the characterization procedure as well
as winding capacitances are addressed.
2.2.1 Basic magnetic coherences
The third Maxwell equation, i.e. Faraday’s law of induction, relates to the magnetic flux linked to
an arbitrary surface area A, being traced by the path l= ∂A and the voltage induced in this path.
Namely, the integrated electrical field strength E along the closed path equals the negative time
derivative of the total integrated magnetic flux density B through A
vind =
˛
l
Edl=− ∂
∂ t
¨
A
BdA︸ ︷︷ ︸
3. Maxwell equation in integral form
=−∂Φ
∂ t
, (2.6)
16 2.2 Magnetics
with the magnetic flux Φ being the area integral of flux density B. The induced voltage vind of a
wire, being installed along the path l, can be measured at its terminals, with the terminals being
separated from each other by an infinitesimal small distance. In an exemplary inductor shown in
Figure 2.8, a soft magnetic material, i.e. the magnetic core, conducts the magnetic flux through
the N turns of the coil.
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Figure 2.8: Simple single-coil magnetic structure forming an inductance
In other words, when defining the arbitrary surface area A of Maxwell’s third equation as being
traced by the electrical wire(vi), then the main fluxΦh in the magnetic core passes N-times through
the surface A. The total flux being linked to the coil, including stray flux, i.e. flux not linked to
all windings of the coil, is called flux linkage Ψ. It is defined as the sum of contributions of the
specific fluxes being linked to each winding of the coil. Here, the different winding-specific stray
fluxes are included with Φi =Φh+Φσ ,i:
v =
∂Ψ
∂ t
=
N
∑
i=1
∂Φi
∂ t
(2.7)
The terminal’s voltage v shows the opposite sign in the equations compared to the induced voltage
vind. In case a positive voltage v is applied to the structure in Figure 2.8, then the flux density
will rise
(dB
dt > 0
)
, resulting in an induced voltage in the windings being directed opposite to the
terminal’s voltage.
In the idealized one dimensional consideration of the static magnetic structure
(
dAcore
dt = 0
)
, ne-
(vi)vector of surface area A traced by electrical wire, not traced by l∗; A 6= scalar Acore core cross section
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glecting stray flux, the terminal’s voltage can be expressed as:
v =
dΨ
dt
= N · dΦ
dt
= N ·AcoredBy,r1dt (2.8)
The relation between magnetic flux density B and field H is given via the permeability µ with the
material equation:
B= µH= µ0µrH= µ0(µ ′r− jµ ′′r )H (2.9)
In isotropic materials the tensor µr is scalar. Losses in the material are described by the complex
permeability. For this first consideration, lossless performance of the isotropic magnetic com-
ponents is assumed resulting in a non complex, scalar permeability. Further emphasis on loss
modeling is given below in subsection 5.1.2.
The fourth Maxwell equation, i.e. Ampere’s circuital law, again relates to an arbitrary surface
area A, being traced by the path l= ∂A. The integrated magnetic field strengthH along the closed
path equals the total integrated current density J through the area plus the time derivative of the
area-integrated electrical displacement D
˛
l
Hdl=
¨
A
JdA+
∂
∂ t
¨
A
DdA︸ ︷︷ ︸
→0︸ ︷︷ ︸
4. Maxwell′s equation in integral form
= i , (2.10)
with the current i being the area integral of current density J. The term neglected for this discussion
represents both the displacement currents, i.e. time derivative of displacement D in electromag-
netic wave propagation as well as inside the dielectric material of capacitors. Here, the parasitic
capacitances in coils are included [26]. The effect of wave propagation is of negligible nature in
the operation frequency range of several 100 kilohertz (vii). Discrete capacitors are not present
in the magnetic components. For this basic explanation of magnetics, currents inside parasitic
capacitances are neglected as well, since this effect is small as well(viii).
Again considering Figure 2.8, the surface area A could be chosen being traced by l∗. The total
current through the surface is N · i. A typical soft magnetic material with a high permeability
(µr >> 1) is assumed. With (2.9) and Maxwell’s second equation, i.e. the solenoidal magnetic
flux density (divB= 0), one can derive By,ro = By,r1 and Hy,ro >>Hy,r1. Due to µr >> 1= µr,AIR,
the magnetic field H inside the magnetic core is negligible. Thus, Maxwell’s fourth equation
(vii)Harmonics of the operation frequency might occur in the megahertz range. The corresponding wavelength is
≈ 300m which is large related to the geometric dimensions of the magnetic components, being in the centimeter
range.
(viii)A later given high voltage coil might show 50pF as winding capacitance. At a fundamental voltage stress of 315V
at 100kHz, the fundamental capacitive current is 10mA. This equals nearly 2% of the nominal coil current in the
application.
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degenerates in this example to
i ·N = Hy,ro ·d = By,ro · dµ0 , (2.11)
when neglecting field widening in the airgap. This equation illustrates, that in an inductance the
current is directly proportional to field strength and flux density respectively. Combining (2.8) and
(2.11) results in
v= N2
µ0Acore
d
di
dt
=: N2AL
di
dt
=: L
di
dt
=
dΨ
dt
. (2.12)
The AL-value, often given in datasheets of technical magnetic cores, only depends on material
constants and core-geometry quantities. It describes a conductivity for the magnetic flux. The
reciprocal is the reluctance or the magnetic resistance Rm = A−1L . The inductance L of a technical
coil is proportional to the AL-value and grows with the number of turns to the power of two. Flux
linkage is proportional to the current inside an inductance.
Ψ= L · i (2.13)
Magnetic systems can be described by a magnetic reluctance model, see Figure 2.9.
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Figure 2.9: Reluctance model / equivalent magnetic circuit of the structure in Figure 2.8
Reluctance models are very suitable for the comprehension of magnetic structures. Additional
coils result in additional N · i sources, alternative or parallel paths for the magnetic flux are added
with their corresponding reluctance in the equivalent magnetic circuit.
2.2.2 Matrix of coupling inductances in multi-coil magnetics
On an arbitrary magnetic structure, with an arbitrary number of coils attached, each pair of coils
shows a transformer effect. For the subsequent discussion, the technically interesting case with
six coils is given on an exemplary magnetic structure in Figure 2.10.
Each single coil i ∈ {1, 2, .., 6} in the magnetic structure has an inductance as explained in sub-
section 2.2.1. This so-called self-inductance Li can be measured directly at the terminals when all
other coils are deactivated (ij = 0A for j ∈ {1, 2, .., 6} , j 6= i). Injecting a current into one of the
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Figure 2.10: Magnetic structure with six coils
coils leads to different fluxes in all parts of the magnetic structure. The mutual inductance defines
the magnetic coupling of two coils i and j, i.e. Mi,j is defined as [91]:
Mi,j =
flux linking coil jdue to current in coil i
current in coil i
=
Ψi,j
ii
(2.14)
The mutual inductance Mj,i is defined vice versa with the current in coil j leading to a flux linked
to coil i. The mutual inductances equal each other. Since the coils are mounted on the magnetic
structure with Ni and Nj turns respectively, and since from the reluctance model a magnetic con-
ductivity AL,i,j (or a reluctance) can be derived between the locations of the coils on the magnetic
structure, it yields:
Mi,j =Mj,i = NiNj ·AL,i,j (2.15)
A single-phase transformer would result with only the coils 1 and 4 active in the exemplary mag-
netic structure in Figure 2.10. Due to the orientation of the coils the flux flows in the same direction
(⇒M1,4 > 0H). When describing the transformer effect between the coils 1 and 2, the mutual flux
through both coils changes its sign with regard to the orientation of the coils, thus flux linkage in
the definition (2.14) becomes negative (⇒M1,2 < 0H).
The total flux linked to a coil i can be derived by superposition of the different contributors (six
currents in the example), which is summarized in matrix form.
Ψi =
6
∑
j=1
Ψi,j (2.16)
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Ψ=

Ψ1
Ψ2
Ψ3
Ψ4
Ψ5
Ψ6
=

L1 M1,2 M1,3 M1,4 M1,5 M1,6
M2,1 L2 M2,3 M2,4 M2,5 M2,6
M3,1 M3,2 L3 M3,4 M3,5 M3,6
M4,1 M4,2 M4,3 L4 M4,5 M4,6
M5,1 M5,2 M5,3 M5,4 L5 M5,6
M6,1 M6,2 M6,3 M6,4 M6,5 L6
 ·

i1
i2
i3
i4
i5
i6
 = L · i (2.17)
The matrix L is defined as the matrix of coupling inductances, with Mi,j = Mj,i, compare(2.15).
The derivative of the flux linkages directly leads to the voltage of the coils, yielding in the trans-
former equations for the whole system.
v=
dΨ
dt
= L
di
dt
(2.18)
In Figure 2.10 not all, but several paths of the stray flux are indicated for coil 4, contributing to
the self and the mutual inductances. For the subsequent illustration of the inductance matrix it is
assumed, that there is no stray flux, the permeability of the soft magnetic core is isotropic, lossless
and infinite, and the only reluctance in this whole network is given with Rm,AG, caused by the
airgaps. Consequently, the equivalent magnetic circuit from Figure 2.11 applies.
Ni1 1
Rm,AG
N i4 4
N i2 2
Rm,AG
N i5 5
N i3 3
Rm,AG
N i6 6
Figure 2.11: Idealized reluctance network (no stray flux, infinite and lossless core permeability)
for magnetic structure from Figure 2.10
With this idealization there is e.g. the same flux in coils 1 and 4, being an ideally coupled transfor-
mer with limited main inductance and without stray inductance (not possible in reality). The total
reluctance for this flux path is given by one airgap plus two parallel airgaps, resulting in a reluc-
tance of 32Rm,AG. Thus, with a current i1 the flux in 1 and 4 yields inΦ=
N1i1
3
2Rm,AG
. Half the negative
flux is linked to the other coils, i.e. Ψ1,{2,3,5,6} =−N1N{2,3,5,6}3Rm,AG · i1. The complete inductance matrix
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is given by
L=

N21
3
2Rm,AG
− N1N23Rm,AG −
N1N3
3Rm,AG
N1N4
3
2Rm,AG
− N1N53Rm,AG −
N1N6
3Rm,AG
− N1N23Rm,AG
N22
3
2Rm,AG
− N2N33Rm,AG −
N2N4
3Rm,AG
N2N5
3
2Rm,AG
− N2N63Rm,AG
− N1N33Rm,AG −
N2N3
3Rm,AG
N23
3
2Rm,AG
− N3N43Rm,AG −
N3N5
3Rm,AG
N3N6
3
2Rm,AG
N1N4
3
2Rm,AG
− N2N43Rm,AG −
N3N4
3Rm,AG
N24
3
2Rm,AG
− N4N53Rm,AG −
N4N6
3Rm,AG
− N1N53Rm,AG
N2N5
3
2Rm,AG
− N3N53Rm,AG −
N4N5
3Rm,AG
N25
3
2Rm,AG
− N5N63Rm,AG
− N1N63Rm,AG −
N2N6
3Rm,AG
N3N6
3
2Rm,AG
− N4N63Rm,AG −
N5N6
3Rm,AG
N26
3
2Rm,AG

. (2.19)
Since in reality always stray flux occurs, the design with the reluctance model is not sufficient. For
a later design of a magnetic structure the reluctance model is used for the basic geometric aspects
in a first step. A subsequent finite element simulation (FEM) with small parameter variations,
regarding stray fields and field widening in the airgaps, leads quickly to the precise inductance
matrix L.
Constructing a three-phase transformer out of three single-phase transformers means three inde-
pendent magnetic structures, i.e. there are only three mutual inductances between the correspond-
ing coils. The advantages of a three-phase transformer would not be used and the inductance
matrix would degenerate to three 2x2 matrices without coupling to the other phases.
Physical single-phase transformer equivalent circuit
Assuming an arbitrary magnetic structure with two coils, e.g. coil 1 and 4 from Figure 2.10, there
are two self-inductances L1 and L4 and the mutual inductance M = M1,4 = M4,1. The elements
in the physical equivalent circuit yield a ’T’ representing the stray and the main inductances as
concentrated elements, compare Figure 2.12. The interrelation between the different components
is indicated in the equations below.
v4Lh
Lpri,s L sec,s
’
v1
i1 i 4
’
i4
v 4
’
r=
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Figure 2.12: Equivalent T-circuit representing the physical behavior of both a single-phase and a
three-phase transformer
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r =
N1
N4
(2.20)
v1 = L1
di1
dt
+M
di4
dt
= Lpri,σ
di1
dt
+Lh
(
di1
dt
+
1
r
di4
dt
)
(2.21)
v4 = M
di1
dt
+L4
di4
dt
=
Lh
r2
(
r · di1
dt
+
di4
dt
)
+Lsec,σ
di4
dt
(2.22)
The new parameters are defined by:
Lpri,σ = L1− r ·M (2.23)
Lh = r ·M (2.24)
Lsec,σ = L4− 1rM (2.25)
L
′
sec,σ = r
2Lsec,σ (2.26)
Idealized physical three-phase transformer equivalent circuit
A magnetic structure is assumed with six coils forming a three-phase transformer. The nomencla-
ture from Figure 2.10 is used, with coils 1, 2 and 3 forming the primary side. Correspondingly,
the secondary side coils are 4, 5 and 6. Assuming symmetry for the three phases, the inductance
matrix can be rewritten and simplified
L=

Lself,pri M1,2 M1,2 Mpri,sec M1,5 M1,5
M1,2 Lself,pri M1,2 M1,5 Mpri,sec M1,5
M1,2 M1,2 Lself,pri M1,5 M1,5 Mpri,sec
Mpri,sec M1,5 M1,5 Lself,sec M4,5 M4,5
M1,5 Mpri,sec M1,5 M4,5 Lself,sec M4,5
M1,5 M1,5 Mpri,sec M4,5 M4,5 Lself,sec
 , (2.27)
with M1,2, M1,5 and M4,5 being negative. The approach of
v1 = Lself,pri
di1
dt
+M1,2
d(i2+ i3)
dt
+Mpri,sec
di4
dt
+M1,5
d(i5+ i6)
dt
!= Lpri,σ
di1
dt
+Lh
(
di1
dt
+
1
r
di4
dt
)
(2.28)
v4 = Mpri,sec
di1
dt
+M1,5
d(i2+ i3)
dt
+Lself,sec
di4
dt
+M4,5
d(i5+ i6)
dt
!=
Lh
r2
(
r · di1
dt
+
di4
dt
)
+Lsec,σ
di4
dt
, (2.29)
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together with the assumption of a balanced system, e.g. forced by a star connection of the wind-
ings
i1+ i2+ i3 = 0A (2.30)
i4+ i5+ i6 = 0A , (2.31)
leads to the parameters below, corresponding to Figure 2.12. The derivation is given in ap-
pendix B.1.
Lpri,σ = (Lself,pri−M1,2)− r · (Mpri,sec−M1,5) (2.32)
Lh = r · (Mpri,sec−M1,5) (2.33)
Lsec,σ = (Lself,sec−M4,5)− 1r · (Mpri,sec−M1,5) (2.34)
L
′
sec,σ = r
2Lsec,σ (2.35)
Non-physical single-phase L-equivalent circuit for both single- and three-phase
transformer
For the description, analysis and design of the waveforms of converters using a transformer, it
is advantageous to reduce the number of elements in the circuit. The L-equivalent circuit is one
out of several well-known possibilities to describe a transformer. This description shows identical
terminal voltages and currents compared to the physical model from Figure 2.12, but the inner
quantities do not represent stray or main flux any more (non-physical model). The description
with Figure 2.13 and the subsequent equations is analogous to the description of an asynchronous
machine with constant rotor flux.
v4Lp
Ls
v1
i1 i4
reff
Figure 2.13: Non-physical L-equivalent circuit for transformers
Ls =
Lpri,σL
′
sec,σ +LhL
′
sec,σ +Lpri,σLh
Lh+L
′
sec,σ
(2.36)
Lp =
L2h
Lh+L
′
sec,σ
(2.37)
reff =
Lh
Lh+L
′
sec,σ
· r = Lh
Lh+L
′
sec,σ
· N1
N4
(2.38)
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For the analysis of resonant converters the description with the non-physical L-equivalent circuit
is advantageous, since the number of energy storing lumped elements in the topology is mini-
mum. However, in the design the first determined quantity of a magnetic structure, may it be
using a reluctance model or a FEM simulation, is the inductance matrix. The sequence of equa-
tions to derive the L-equivalent circuit parameters is summarized in (2.39). For the design of
resonant tank elements, as indicated below, this sequence of equations is important for synthesis,
characterization and error propagation.
{L,r} ∗−→ {Lpri,σ ,Lh,Lsec,σ ,r} ∗∗−→ {Ls,Lp,reff} (2.39)
∗ single phase : (2.23),(2.24),(2.25)
∗ three phase : (2.32),(2.33),(2.34)
∗∗ (2.36),(2.37),(2.38)
2.2.3 Characterization procedure
For the determination of the magnetic elements in the equivalent circuits it is not sufficient to carry
out the classical short-circuit and open-circuit tests. As indicated in Figure 1.1, in the application
the main inductance is similar to - not orders of magnitudes larger than - the stray inductances. The
determination of component values gets furthermore complicated in three-phase transformers on
one magnetic core structure. Thus, basically the matrix of coupling inductances must be identified.
All equivalent circuit elements can be derived with the equations above. Furthermore, attention
has to be paid to the measurement equipment. Since the measurement of small inductances is
inaccurate, methods are presented addressing this challenge.
Measurement of self-inductances Li
All self-inductances of all coils on a magnetic structure can be measured directly (remaining coils
in open circuit). However, in the given application there is a very low inductance on the low
voltage primary side, since also the main inductance of the transformer is not large. Thus, a series
resonant circuit is built up using a known series capacitanceCs. Using a converter with adjustable
operation frequency, the resonance frequency fres is detected using a frequency generator together
with an oscilloscope, compare Figure 2.14.
Cs
Li
Figure 2.14: Measurement of self-inductances at low inductance values
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Li =
1
(2pi fres)2 ·Cs
(2.40)
With Cs the resonant frequency is set in the upper 10kHz range. Thus, an interaction with the
eigenfrequencies coming from the intrawinding capacitances can be locked out. Here, the first
resonances occur in the MHz range, see section 2.2.4.
Measurement of mutual inductances Mi,j
The remaining mutual inductances in the coupling matrix L can principally be measured with the
following measurement procedure as presented in [26].
For each pair of coils on a magnetic structure the two inductances La and Lb can be measured in
configurations depicted in Figure 2.15.
La Lb
Figure 2.15: Connection of La and Lb from [26]
In both setups, a sum / a difference out of the self-inductances and the mutual inductance of the
corresponding coils i and j is measured. The mutual inductance Mi,j can be extracted out of both
measurements according to the following equations:
La = Li+Lj+2Mi,j (2.41)
Lb = Li+Lj−2Mi,j (2.42)
Mi,j =
La−Lb
4
(2.43)
Due to resistive elements and due to problems in numeric accuracy when subtracting very small
measured numbers from large ones, this method is only applicable, if
• the ratio of the number of turns is not large (1/5< r < 5) [26],
• the magnetizing reactance is not bigger than the resistance of that winding.
For the three-phase transformers in the given application, the first condition does not apply to
mutual inductances between primary and secondary side. It applies for mutual inductances of
three-phase transformers for coil-pairs both on primary or on secondary side. The second condi-
tion only holds for the secondary winding. Therefore, when carrying out measurements with this
method, the secondary winding measurements are assumed to be more accurate.
From measurements of the self-inductances above, and from (2.41) and (2.42), the mutual induc-
tances can also be derived.
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The measurements with this method are important for the validation of the transformer’s target
values in the coupling matrix L. Here for example, the symmetry of the matrix could be checked.
However, the elements important for the complete operation are Ls and Lp from Figure 2.13. Due
to the division by small values, the error propagation through the sequence of equations (2.39) is
high. Thus, the calculation of Ls and Lp is not accurate. Therefore, a direct measurement of the
equivalent circuit components is also carried out as illustrated briefly below.
Direct measurement of Ls, Lp, reff
The measurements were carried out with the same principle of detecting a resonance, as qua-
lified for the self-inductance measurement, compare Figure 2.14. For the three-phase system a
frequency-variable three-phase converter must be connected with identical capacitive resonant el-
ements. Four measurements for the three elements Ls, Lp and reff in Figure 2.13 were carried
out:
• Ls: converter and resonant capacitor connected to primary side, secondary side shortened
such that the short circuit is transferred to the primary side and Lp is shortened
• Ls+Lp: converter and resonant capacitor connected to primary side, secondary side open
such that reff does not influence the system
• Lpreff : converter and resonant capacitor connected to secondary side, primary side open such
that Ls does not influence the system
• Ls||Lpreff : converter and resonant capacitor connected to secondary side, primary side shortened
With four measurements the system is overdetermined. This allows two things, i.e. checking
plausibility between the measurements and an improvement of the finally used data by running a
least error square algorithm which minimizes the total deviation of the finally used data from the
four measurements.
2.2.4 Parasitic capacitances
For the design and operation of magnetic components at elevated frequencies the influence of
parasitic capacitances cannot be neglected. Generally such capacitances can be used and designed
to support the operation of the converter. Thus, either parasitic capacitances are minimized or they
are designed to the desired value, as far as possible. The parasitic capacitances of a transformer
can be represented as concentrated elements [74], as shown in Figure 2.16.
Interwinding capacitance Cpri,sec, C
′
pri,sec
Interwinding capacitances between primary and secondary side of the transformer are also called
coupling capacitances, which generally show the following drawbacks:
• occurrence of undesired resonances
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Figure 2.16: T-equivalent transformer circuit with concentrated parasitic capacitances from [74]
• high current peaks coming from high dvdt at the input terminals of the transformer
• electrical coupling to other parts of the circuit / electromagnetic interference (EMI), capaci-
tive crosstalk
From the physics point of view, a distributed capacitance is given. It basically scales with the
electrical distance of both coils. Since the stray/leakage inductance increases with the distance
between the coils [84], leakage inductance and interwinding capacitance are interrelated. For
example in a flyback converter a minimum leakage inductance between both coils should be de-
signed, thus the capacitive coupling must be taken into account. In this thesis, a relatively large
leakage inductance will be designed. Since it was shown, that with the corresponding large electri-
cal distance of the coils, the interwinding capacitance could be neglected, this topic is not further
addressed and literature recommendations are given for the interested reader.
A good overview on parasitic capacitances is reviewed in [12], [85]. A detailed capacitance model
with six concentrated capacitors, four elements representing the intrawinding capacitances, is
presented in [39], [67], [22].
Intrawinding capacitance Cpri,σ , Csec,σ
Due to the possibility of neglecting the interwinding capacitance in the given application, the
equations for the transformation of the remaining intrawinding capacitances between both indi-
cated equivalent circuits in Figure 2.16 are given by:
C
′
pri,σ = Cpri,σ (2.44)
C
′
sec,σ =
1
r2
Csec,σ (2.45)
Modeling an intrawinding capacitance of a coil, labeled Cσ in the following, is independent of
the number of coils and can therefore also be applied to inductances. For the calculation of the
effective intrawinding capacitance of a real inductance, the different models first determine the
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capacitance per unit length C′. With the average turn length lturn the capacitance between two
neighboring turnsCturn can be calculated by:
Cturn =C′ · lturn . (2.46)
The geometric winding parameters are the input values for the different models for the capacitance
per unit length C′. Models, based on the geometry of round wires, are presented in [65]. It
is differed between the so called orthogonal winding (center points of the conductors aligned
on corners of identical regular squares) and the orthocyclic winding (conductors honeycombed).
Additional models are presented in [12]. The influence on C′ of using litz wire instead of a solid
single conductors is qualified in [19]. An effective diameter of a solid wire can be determined
from the litz wire geometry [1]. However, the geometry within litz wires strongly depends on the
mechanical tension such that the resulting capacitance might vary significantly [19].
Since in the final application litz wire is used, the accuracy of a design of the winding capacitance
is limited due to the varying mechanical tension. However, significant influence on the total
intrawinding capacitance can be taken by the winding technology.
In case a winding consists of N turns in a single layer, the effective terminal’s capacitance is
determined by [85]:
Cσ ,singlelayer =
N−1
N2
·Cturn . (2.47)
For windings with multiple layers, the effect of the layer-to-layer capacitance Clay2lay dominates
the capacitance of a single layer. Using only a few turns and two layers, the single-layer capaci-
tance can be neglected [85]. For the determination of Clay2lay, it is differed between the standard-
winding technology and the flyback-winding technology. Figure2.17 and the subsequent equations
summarize the results from [85], [12], with N turns per layer:
(a) standard winding (b) flyback winding
Figure 2.17: Winding technologies of two layers
Clay2lay,standard =
N
3
Cturn (2.48)
Clay2lay,flyback =
N
4
Cturn (2.49)
In a winding with z layers fully equipped with N turns and another uncomplete layer with k turns
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(k < N) the total intrawinding capacitance is given by [85]:
Cσ ,mulitlayer =Clay2lay(z−1)
(
2N
k+ zN
)2
+Clay2lay
k
N
(
2k
k+ zN
)2
(2.50)
For the given application an assessment of intrawinding capacitances is presented. Assuming a
single-phase transformer with Npri = 8, z = 1 on the primary side and Nsec = 20, z = 2 (standard
winding), k = 0 on the secondary side yields in r = 1/5. The intrawinding capacitances are:
Cpri,σ
(2.47)
=
7
64
·Cturn,pri
C
′
sec,σ
(2.45)
=
1
r2
·Csec,σ (2.50)= 25 ·Clay2lay,sec (2.48)= 25 · 203 ·Cturn,sec
⇒ C
′
sec,σ
Cpri,σ
> 1500 ·Cturn,sec
Cturn,pri
(2.51)
Since the turn capacitances Cturn,pri,Cturn,sec are in the same order of magnitude, the primary side
intrawinding capacitance is significantly smaller than C
′
sec,σ . In the application-specific three-
phase transformers this effect is even more distinctive, since the turns ratio r is even smaller.
Thus, the first resonance phenomena at lowest frequencies are traced back to C
′
sec,σ . An exem-
plary measurement, using a frequency sweep from the impedance spectroscope AUTOLAB with
PGSTAT30 and FRA2-module, is presented in Figure 2.18.
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Figure 2.18: Measurement of Lself,sec||Cσ ,sec, interpreted as resistor-inductor series connection
The impedance measured from a high voltage secondary winding shows a distinct resonance.
For low frequencies the capacitance does not have influence on the measurement, the frequency
independent constant self-inductance can be identified. Above the resonance of the wave trap
circuit Lself,sec||Cσ ,sec the impedance is capacitive, resulting in a negative interpreted inductance.
The intrawinding capacitance is derived from the resonant frequency and from Lself,sec.
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2.3 Converter Optimization and Loss Modeling
This section starts with a brief overview over the fundamental converter design procedure for the
given application indicated in Figure 1.1. Emphasis is put on the importance of the choice of
passive components influencing reactive power. The details of implementing this procedure for
the given application is presented in chapter 4. This circuit effect is simulated to minimum losses
together with the (often nonlinear) loss models of the components. For the MOSFETs as well
as for the capacitors the loss models are presented below and are not further addressed in this
thesis.
The magnetic loss models are discussed within chapter 5 on magnetics. As will be seen later, the
rectifier diodes are uncritical in terms of losses since they are snubbered. Loss modeling is done
with the forward voltage drop.
2.3.1 General procedure of converter design
Designing a power electronic converter for a specific application generally is an optimization
problem with a very large number of degrees of freedom. This starts with determining the design
objective of either maximum power density, maximum reliability, maximum efficiency, minimum
production costs or a combination of these objectives (resulting in minimum life-cycle costs).
Another example is the interdependence of topology choice with the sum of component stresses
causing losses and temperature increase influencing lifetime. Due to the variety of (nonlinear)
effects showing severe consequences, a true comparison of different solution approaches can only
be carried out by measurements on likewise optimized prototypes.
The approach to handle large numbers of degrees of freedom without building and comparing
prototypes is to first identify the significant effects and arguments. Either there are exclusion
criteria found, or a decision can be made on the basis of the quantified significance of effects, or
a trade-off must be found. This deciding procedure on the basis of the most significant effects is
found in all design steps, e.g. in the
• identification of appropriate system concept for a module-integrated converter in chapter 3
• identification of DC-DC converter’s topology in chapter 4
• different optimization steps for the DC-DC converter optimization in the following chapters.
In the third step the most significant and important design step is to minimize the apparent power
within the converter at a specific transferred active power determined from the application. In
typical voltage source converters this basically means the minimization of currents for the speci-
fied application. Especially in resonant converters this is achieved by the proper choice of passive
components.
In the last design stages, especially when aiming at a high converter efficiency, detailed (non-
linear) loss models for the different circuit components are needed for a simulative-numerical
optimization. The significant loss mechanisms together with their models and possible measures
are qualified briefly below. The later optimization is carried out by simulations.
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The different loss mechanisms are given due to the physics of the different materials and com-
ponents. The power electronics engineer cannot influence the existence of basic loss effects as
conduction losses in a silicon device. However, the sum of losses can be minimized by designing
the converter to minimize the stress on the critical components. This is achieved by simulations,
aiming at minimum apparent power and avoiding severe nonlinear effects like hard switching at
the same time.
2.3.2 Metal-oxide semiconductor field-effect transistors (MOSFETs)
MOSFETs are used in the later identified DC-DC converter as active switching devices. At the
later given nominal voltage of 35V and nominal power below 200W, modern MOSFETs show
lowest conduction losses. An IGBT would show a forward voltage drop significantly larger than
e.g. 10mΩ ·10A. Figure 2.19 shows a MOSFET equivalent circuit including the voltage depen-
dent capacities.
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Figure 2.19: Equivalent circuit of a MOSFET
The performance of an inverter bridge consisting of MOSFETs mainly depends on the most im-
portant MOSFET parameters, i.e. the on-state channel resistance Rds,on (conductive performance)
and the capacitances (switching performance), see below. In a first order approximation the para-
meters scale with the silicon area. Since the resistance should be minimized (large Si area) and the
capacitances should be low (small Si area), a trade-off has to be found. However, for each device a
specific storage energyWoR can be derived as a product of the on state resistance and energy stored
in the off state at 80% of maximum drain source voltage WoR = Rds,on ·Woss. In this expression
the chipsize basically cancels out such that a MOSFET technology comparison can be carried out
[78]. Analogous the specific control charge is defined as QgR = Rds,on ·Qg,tot [78]. The voltage
dependent capacitance are grouped in most datasheets to the output capacitance Coss =Cgd+Cds,
the input capacitanceCiss =Cgs+Cgd and the reverse transfer (miller) capacitanceCrss =Cgd.
Conduction losses
The MOSFET channel conduction losses Pch depend on the internal on-state resistance Rds,on
and the effective current Ich,RMS. The intrinsic diode, if conducting current, shows losses Pdiode,
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including a forward voltage drop Vdiode,fwd of the diode:
Pch = Rds,on · I2ch,RMS (2.52)
Pdiode = Vdiode,fwd · Idiode,AVG+Rdiode · I2diode,RMS (2.53)
Due to the forward voltage drop of the diode, losses can increase to significant values (especially
in low voltage applications). Thus, the losses are minimized by minimizing the conduction time
of the diode by turning on the MOSFET in parallel, resulting in a parallel current path through the
channel showing a significantly lower voltage drop.
For the minimization of the overall conduction losses (Pcond = Pch + Pdiode), a MOSFET with
minimum resistance should be chosen. Furthermore, the rms-current through the device should be
minimized, being an optimization problem in a later stage. Diode on-state losses are minimized
by minimizing dead times. This allows the current to bypass the diode through the MOS channel
at a reduced voltage drop.
Principle of Resonant Pole Inverter, i.e. zero-voltage switching (ZVS) at turn on
The principle of the Resonant Pole Inverter [34] [35] can be used to achieve zero-voltage switching
(ZVS) at turn on. Thus zero turn-on losses PTurnON are achieved in the converter. A MOSFET
inverter half-bridge is operated as a buck converter as indicated in Figure 2.20.
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Figure 2.20: Resonant pole principle yielding in ZVS
The transition from the lower to the higher transistor is discussed, all results are analogously valid
for the vice versa transition. After turn-off of T2 the passive components form an oscillating
circuit, determining the resonant transition. The effective capacitance here is Ceff = 2Coss leading
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to the characteristic impedance and characteristic frequency of Z0 =
√
L/Ceff and ω =
√
1/(LCeff).
The waveforms are determined by:
iL = iL,t=0s cosωt− VoutZ0 sinωt (2.54)
vT1 = iL,t=0sZ0 sinωt+Vdc−Vout (1− cosωt) (2.55)
At one point in time the voltage vT1 across the diode D1 comes to zero. With the conduction of the
diode the resonant transition is finished, since then the voltage across the MOSFET capacitances
are clamped again. After the deadtime of the controller, T1 is turned on at zero voltage.
The same mechanism of achieving zero turn-on losses can be achieved when using snubber capac-
itors, as motivated in the subsection on turn-off losses below. The effective capacityCeff is thereby
increased. Furthermore the same equations can be used in case a series-capacitor is included in
the circuit in series to the inductance. Then the initial voltage of the series capacitance has to be
added to vout and the effective capacitance is reduced. When talking about resonant dc-dc con-
verters with a rectifier bridge, these calculations can again be applied in most cases. When the
rectifier is clamped to a voltage-source dc-link, then the description using Vout covers all cases.
In case there is a full-bridge inverter with two inverter legs operating at 50% duty cycle and 180°
phase shift, again only the effective capacitance Ceff has to be adapted, since series connected
MOS capacitances are charged and discharged respectively.
ZVS does not work in case iL becomes positive during the resonant transition. Thus, a minimum
energy in the inductance must be provided as derived in [103]. For the minimum inductance
current it is derived: ∣∣iL,t=0s,min∣∣ > 1Z0
√
2VdcVout−V 2dc ≥
Vdc
Z0
(2.56)
(for 0 > 2VdcVout−V 2dc ZVS is mandatory )
For ZVS of both switches at turn on, the zero crossing of the inductor current iL in each switching
cycle is mandatory.
Turn-off losses
Basically turn-off energy WTurnOFF is determined by the product of channel current and channel
voltage, integrated over one turn-off transition (t = 0 to t = toff). The turn-off losses PTurnOFF of
one single switch are determined with the corresponding switching frequency f :
PTurnOFF = f ·WTurnOFF = f ·
ˆ t=toff
t=0
ichvdsdt (2.57)
A detailed analysis of turn-off transition, also discussing the voltage dependent MOS capacities,
is depicted in [77],[79]. Here Figure 2.21 is used to illustrate the different effects and possible
measures for minimizing losses are summarized.
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Figure 2.21: Principle MOSFET turn-off characteristics [77]
At the beginning of the non-snubbered (Csnub = 0F), hard switched turn-off transition at t = 0s
the driver discharges the gate capacity. First, Cgd and Cgs are discharged without influencing
the conductivity of the channel. In the next phase t1 < t < t2 especially the discharge of the
miller capacitance Cgd takes place, the conductivity of the channel is decreased steadily such
that losses occur. The losses within t2 < t < t3, when the leakage inductance of the switching
cell Lσ = Lσ1+Lσ2 is charged (Lσ2) or discharged (Lσ1) respectively, are significant, since the
voltage across the device is already high. In case there is still energy in the leakage inductance Lσ1
when the channel had turned off completely (t = t3), a superposed oscillation occurs between the
total leakage inductance and the MOS capacitances in the switching cell. This so called ringing is
dampened by parasitic resistances, its energy is dissipated [79].
Four measures can be undertaken for minimum turn-off losses:
• Turning off a minimized load current leads to less stresses during the turn-off transition.
This goal can be achieved by choosing the outer load-circuit such that the current is reduced
before the switching instant, still being high enough to achieve ZVS at turn on.
• Theminimization of leakage inductance Lσ leads to less energy to be discharged and charged.
The commutation time to the opposite diode t2 < t < t3 is minimized, thus the time-integral
calculating turn-off energy as well. Furthermore the potential ringing energy is minimized.
• The implementation of capacitive snubber Csnub (with a capacity larger than the MOS ca-
pacitances) leads to the following effects: Within the turn-off transition the channel conduc-
tivity decreases as described above. However, on the time scale of turn-off transition, the
voltage across the device stays at small values, since the snubber capacitor cannot change
its voltage instantaneously. The product of channel voltage and current is low, thus losses as
well. The turned off MOSFET current commutates on the snubber capacitor such that the
MOSFET itself is turned off at a low voltage. Since the miller effect of Cgd only becomes
visible at a high voltage swing, also the time interval t1 < t < t2 is significantly reduced such
that the miller plateau is not visible any more, reducing losses. There is only one snubber
installed across either the high-side or the low-side MOSFET to avoid an oscillating current
through Lσ , both snubber capacitors and the dc-link capacitor. Also the overvoltage, com-
ing from the discharged parasitic inductance in the switching cell is limited by the snubber.
2 Fundamentals 35
A disadvantage of a snubber capacitance is that there is a larger capacitive energy to be
discharged/charged. Thus, for achieving ZVS a larger load current is necessary, see above.
• A fast turn-off leads to a short integration time for the turn-off energy. Thus, the gate driver
should be connected with minimum resistance as well as minimum inductance. In one of
the designs, larger gate current peaks than load currents were observed.
The effect of leakage inductance is multiply described in literature, e.g. in [79]. Also the inductive
effect of bond wires are discussed and compared for different packages [79] [77].
The turn-off energy is simulated using PSpice for different capacitive snubbers, for different turn-
off load currents and for different leakage inductances, as depicted in Figure 2.22. The simulation
results(ix), being used for the later numerical optimization, include the substraction of the energy
being stored in the complementary MOSFET within the resonant transition.
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Figure 2.22: Simulated turn-off energy WTurnOFF of the optimized switching cell (Vdc = 35V,
original producer’s MOSFET SPICE model [57])
It can be observed, that turn-off energy generally decreases significantly with less turn-off current,
less parasitic inductance in the switching cell and increased snubber capacitance. Turn-off current
and parasitic inductance should be optimized as far as possible. However, the choice of the snub-
ber capacitance has other effects: On the one hand the dvdt is reduced with larger snubbers leading
to reduced EMI emissions in the circuit. On the other hand the complete switching transition time
is increased. Not only a larger reactive power for charging and discharging the snubbers is neces-
sary, but also the relative conduction time of a switching period is reduced such that in a shorter
time more current has to be conducted through the silicon bridge. The latter also leads to a worse
ratio of active and apparent power.
(ix) The numbers from Figure 2.22 could not be validated by measurements for the final prototype, since bond wire
free devices were used and a current measurement became impossible for such small geometries, see in paragraph
"design of the switching cell" below.
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Gate losses
All the gate charge is dissipated in one switching cycle, the losses can be calculated by
Pgate = f ·QgVgs,max = f ·Vgs,max
ˆ Vgs,max
0
Cgs(v)dv . (2.58)
Reducing the gate voltage reduces the gate losses. However, there is a lower limit since the
conductivity for the channel must be fully given in the on-state. An adequate gate voltage can be
chosen from the MOSFET characteristics in the datasheet. A low-cost bootstrap circuit is used to
power the MOSFET drivers.
Design of the switching cell
The later specified maximum/nominal dc-input voltage of 47Vmax/35Vnom defines the use of
60V MOSFETs. For minimum internal stray inductances a package was chosen avoiding bond
wires. Furthermore the characteristic number of specific storage energyWoR =Rds,on ·Woss@0.8·60V
is taken into consideration for the choice of the DirectFETTM IRF6648 [57]. Its low on state resis-
tance of 5.5mΩ leads to low conduction losses. Concerning the internally stored energy/charge in
different datasheets, the necessary quantities are not always indicated. However, the voltage de-
pendent capacity, to be integrated over the voltage to receive the desired quantities, is often given.
The comparison of the voltage dependent capacitances Coss shows the benefitial use in switching
behaviour of the chosen device.
In the geometric design on a PCB it is aimed at minimum inductance in the switching cell. A
snubber capacitor, the size designed by loss simulations, is also connected with focus on low
inductance. Furthermore, for a fast turn-off transition, two separate drivers are connected without
any external gate resistance. A low cost bootstrap circuit powers the high-side driver. Due to
the high operation frequency in the later application two ceramic capacitors provide sufficient
capacity for a smooth dc-link voltage. Figure 2.23 shows the finally optimized switching cell.
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Figure 2.23: Optimized switching cell
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In case two or three half bridges are necessary for a full-bridge or a three-phase inverter, the
switching cell is paralleled. For that case an inductance between the switching cells is not severe.
Electrically spoken it has the same influence like an inductance at the load terminal, which is
inductive at ZVS-operation anyway.
2.3.3 Capacitors
In the final application using a resonant converter, discrete SMD capacitors are used for the dc-
link capacitances of the voltage-source inverter and rectifier as well as the resonant capacitances
in the resonant tank of the converter. For achieving a high power density, low inductive switching
cells and an overall small equivalent series resistance (RESR), ceramic capacitors are used.
Using different ceramics as base dielectric material for the multi layer SMD ceramic capacitors,
mainly three different application relevant properties come up with the devices, i.e. RESR (→
efficiency), maximum field strength (→ energy density) and temperature stability of the specific
capacitance. The latter is extremely relevant for capacitances in a resonant tank, where detuning
of the resonances must be avoided. Another property, not relevant for the given application is the
operation capability at very high temperatures.
It is differed between two classes of materials [94]: Class 1 capacitors are based on paraelectric
materials, where C0G(NP0) is an established specification for high temperature stability. The
materials show highest efficiencies also at high frequencies. Class 2 capacitors are based on
ferroelectric materials, labeled by the Electronic Industry Association (EIA) using three letters,
e.g. X7R. The letters indicate 1) minimum- and 2) maximum specified operation temperature and
3) temperature dependent capacitance. Ferroelectric materials show higher relative permittivities.
Today high temperature capacitors are based on X8R dielectric material, specified up to 150°C
[94]. Concerning efficiency, the most important parameter for different materials is the dissipation
factor tanδ .
tanδ =
RESR
XC
= 2pi fC ·RESR
@1kHz
<

0.1% C0G(NP0), material class 1 [94][4]
2.5% for X7R, material class 2 [4]
3% Z5V, material class 2 [4]
(2.59)
From an efficiency point of view only C0G capacitors should be used, since losses directly scale
with this material parameter (P= I2RESR = 2pi fCV 2 · tanδ ). Temperature stability of C0G is more
than an order of magnitude higher compared to the X7R material [4]. Thus, especially for a series
capacitor in a resonant tank capacitances using C0G materials will be applied avoiding a detuning
of the resonances.
Dc-link capacitors must show much higher capacitances for smoothing the dc-voltage. Due to the
significantly higher energy density of X7R compared to C0G materials, X7R capacitances were
chosen to avoid a very large parallel connection of C0G dc-link capacitances. The choice of X7R
materials means a minimum leakage inductance of the switching cell. Concerning the potentially
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reduced efficiency using X7R for the dc-link, it also has to be considered that in case of an ideal
sinusoidal current in the ac tank being in phase with the pulsed rectangular voltage of a voltage-
source full-bridge, the stress on the dc-link capacitor is lower than on a series resonant capacitor
(Idc−link ≈ 0.48P/Vdc, Iresonant ≈ 1.1P/Vdc). A temperature dependent variance of the capacitance is
uncritical in the dc-link capacitor, since only the dc voltage should be stabilized. The design of
this capacitance is carried out for the worst case temperature resulting in minimum capacitance.
3 System Concepts with Local Maximum Power
Point Trackers
As motivated with the design goals and requirements in section 2.1.3, the system concept of
MPPTs must show a potentially high lifetime. This is achieved by avoiding the most critical
components, i.e. electrolytic capacitors, and by a high efficiency, resulting in a reduced operating
temperature level. Furthermore, in this design stage it is important to also keep the system flexible
to be compatible to arbitrary roof and facade geometries. Additional constructional constraints,
e.g. the necessity of a limited geometric assembly of the different modules, must be avoided.
With such limits one selling argument of local MPPTs, i.e. fully scalable and flexible system
extensions, would be lost.
Single-phase AC-modules are not considered due to their need for a large energy storage device,
usually an electrolytic capacitor. A continuous power flow and thus, no need for large energy stor-
age devices, can be established with different concepts. They are classified by the interconnection
between the modules.
• Three-phase low-frequency AC distribution (Three-phase AC-modules)
• DC distribution
• Three-phase medium-frequency AC distribution
The first and the second concept is already presented in the state of the art in subsection 2.1.3, the
third concept is known from other applications and is qualified below.
In this chapter, concepts are compared and the most suitable system concept in terms of lifetime,
efficiency, cost and flexibility is identified, i.e. the system concept with DC distribution using
parallel module-integrated converters. The last section goes deeper into the details of this system
concept. Different aspects, such as a non-floating potential of the DC distribution wires, are con-
sidered. For the key component of this system, i.e. the DC-DC converter being locally mounted
at the modules and being exposed to the harsh environment, the specifications are derived. These
specifications form the basis for the subsequent chapters.
3.1 Three-phase Low-frequency AC Distribution
The system topology for three-phase AC-modules is depicted in Figure 2.5, with a three-phase
interconnection between all modules and the grid. Basically, the complete locally distributed
converter, being costly by trend, performs MPPT, grid current control and it most often boosts
the voltage. Two grid connected DC-AC converters are considered, one using a voltage-source
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converter, another using a current-source inverter. Besides the disadvantage, that defect MPPTs
cannot be detected in a central unit without e.g. additional communication, the following advan-
tages apply:
• The system is flexible to all modules exclusive the following case: Classical thin-film mod-
ules show deterioration due small leakage currents in case of a negative bias voltage. If
no special measures such as a galvanic isolation and a clamping of the thin-film module to
protective earth is undertaken, such systems are not considered being reliable.
• The system is completely scalable. Any number of AC-modules can be paralleled.
• Parts of the utility-grid’s load-frequency control can be supported with this system. For
example in case of elevated grid frequencies, the converter can control the operation point
to deviate from the MPP.
• In contrast to conventional string or central systems this system is inherently safe, since
standard ac-cabling without need for dc-safety measures is installed.
• For maintenance, not only of the PV-system but also of the building, the AC distribution can
be shortened, disabling all MPPTs.
Three-phase AC-modules with voltage-source converter
Feeding a three-phase 400V/50Hz system using a voltage-source converter (VSI), the theoretical
minimum voltage source level is Vdc,min =
√
2 ·400V. Due to the low module voltage vPV in the
tens of volts of most modules, a two-stage converter topology is proposed, see Figure 3.1.
Vdc
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vPV
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Figure 3.1: Three-phase AC-module with voltage-source converter
The DC-DC converter, boosting the voltage and performing the MPPT, is depicted as a block.
Although the DC-DC converter means an additional converter stage reducing the overall converter
efficiency, it is not considered critically. The DC-AC converter has been set up and is discussed
first. The different optimization steps, being qualified in detail in [31] [27], are summarized.
The current iL1 in the converter side inductance L1 shows a triangular ripple at switching fre-
quency f , since the phases are decoupled by clamping the filter capacitors Cf back to the dc-link.
The peak-to-peak magnitude ∆I(t) of the current iL1 depends significantly on the grid voltage(i),
(i)vA ∼ vgrid. A zero system in the converter modulation must be regarded, it is not discussed in this explanation.
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described with
∆I(t) =
V 2dc−4 · v2A
4 ·Vdc · f ·L1 . (3.1)
Conduction losses of the silicon devices, as well as losses in the inductor L1, mainly depend on
the rms-current of iL1. Since the current ripple has a much higher frequency compared to the
fundamental component, the rms-current can be derived from the envelope function of the current
iL1 [104], described by ∆I(t). Downsizing this envelope function means reducing the rms-current
and thus, losses. Switching losses of the silicon devices can be minimized when operating the
converter in the Resonant Pole Inverter (RPI) mode [34] [35], and thus, achieving zero-voltage
switching (ZVS) at turn on of the switches, see section 2.3.2. Since the peak value of the grid
current iL2 is for example 307mA (e.g. for a 150W converter connected to the 400V,50Hz
mains), the RPI mode operation should be realized with a sufficient ripple ∆I(t) within the whole
grid period.
A VARiable frequency Pulse Width Modulation scheme (VARPWM) is developed minimizing
the current envelope function, thus the rms-value of iL1, while establishing RPI mode operation at
the same time [27]. VARPWM combines the highlighted advantages of both, conventional pulse
width modulation (PWM) and conventional RPI operation using a hysteresis current controller, as
illustrated in Table 3.1.
PWM RPI(ii)
low circuit effort high circuit effort
low control losses high control losses
switching instances known switching instances unknown
sharp current spectrum wider spectrum
large LCL-filter small LCL-filter
ZVS not always given ZVS mandatory
Table 3.1: Pro’s and Con’s of RPI and PWM mode, Bold: Pro’s of VARPWM
Figure 3.2 shows the functionality of the proposed VARPWM system, Table 3.2 illustrates the
improvements compared to the conventional PWM and RPI mode operation. The switching fre-
quency is maximum at the zero transition of the grid voltage.
Furthermore aspects of the grid current control have to be considered: A minimum of two current
probes measuring two out of the three low-bandwidth phase currents iL2 are used. Besides a
nonlinear modulation effect described in [27], slight grid-voltage unsymmetries (e.g. 5-10V dips
with third harmonic) influence the current in the LCL−filter severely, since the peak current at
nominal load is only 307mA at 400V. For the compensation of these effects and for a sufficient
grid-current THD, multiple resonant controllers up to the 23rd harmonic were implemented as
proposed in [120].
(ii)Elevated circuit effort and control losses in RPI mode are reasoned by the need for high bandwidth current probes
and analog circuitry for the hysteresis controller measuring iL1.
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Figure 3.2: Time transient measurement of VARPWM operation
PWM RPI VARPWM
η150W 88,5% 92,0% 96,2%
ηeuro 81,0% 80,3% 92,0%
Losses in nom. point 19,19W 12,81W 5,92W
Temperature MOSFET max. 86◦C 48◦C 51◦C
Temperature Inductor L1 max. 67◦C 72◦C 40◦C
Table 3.2: Measurements: Comparison of modulation modes
A second task of the controller is to actively dampen the natural LCL-resonance of the filter. A
damping method, making use of a digital Infinite Impulse Response (IIR) filter, is developed with
minimum sensor effort [31]. The basic idea of damping is funded on the mathematical fact, that
when feeding back the second derivative of the grid current to the duty-cycle reference value,
the closed-loop control system can be dampened to be stable. However, calculating a second
derivative does not lead to reasonable results, especially when using digital controllers. The digital
IIR-filter was designed as an approximation to the second derivative, taking the delay time of the
control loop into account. Other active damping methods from literature show a better damping
performance at the cost of additional costly sensors and appropriate A/D conversion units.
VARPWM, the multiple resonant controllers and the active damping of the LCL-resonance were
all implemented on a XCS2000 rapid prototyping control platform from AixControl, including a
DSP and an FPGA running at a clock frequency of 40MHz. The interrupt service routine is run-
ning asynchronous to the variable switching frequency. With all control functionalities included,
the system is running at its limits.
Considering the DC-AC converter, a converter with a potentially high lifetime for local MPPTs is
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developed. Although major efficiency improvements were made based on VARPWM, i.e. 5.9W
losses in the nominal point, European efficiency of 92.0% should still be improved. However,
digital control effort is high. There are minor potentials to reduce the effort, but it is not expected
that the functionality can be provided by a low-cost microcontroller.
On that basis, a comparison can be carried out without regarding the DC-DC converter. The
DC-DC converter itself, showing the same requirements in case of the parallel module-integrated
converter with DC distribution, will be qualified in this thesis in detail.
Three-phase AC-modules with current-source converter
In the project PV-MIPS a three-phase 400V/50Hz AC-module using a current-source converter
(CSI) was developed [107]. The basic topology is depicted in Figure 3.3.
vgrid
igrid
vPV
Ldc
3 L
3 C
Figure 3.3: Three-phase AC-module with current-source converter
Due to the voltage boost capability of a CSI, the average input voltage level vPV does not show
a minimum value for feeding the mains like the VSI does. The complement effect at constant
grid voltage is a minimum dc-current to perform a current PWM for the peaks of the grid current.
Consequently, at limited power of the PV-module, there is a maximum voltage of the PV-module.
However, in order to keep duty cycles in a reasonable range, a high voltage module in the hundreds
of volts is necessary for the operation. Such special thin film modules, being structured to a
high degree, can be produced minimizing the effect of deterioration due to negative bias voltage,
formerly resulting in severe leakage currents [48].
A major advantage of this concept is that there is only one power stage necessary to establish
MPPT and grid current control. The need for reverse blocking switches makes series diodes
necessary in this application. In terms of efficiency this is not a severe drawback, since the currents
in the given application are small at grid voltage level. The first filter component in the CSI to
absorb the pulsed quantities is a capacitor. By nature this component shows less losses as its
counterpart in the VSI, the inductor. Using silicon carbide diodes, an European efficiency (without
taking power for the control into account) of ηeuro = 97% was demonstrated on a 200W prototype
[106].
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Concerning the grid current control, a sinusoidal grid current can be modulated directly into the
mains. Due to the nature of a current-source inverter, the grid current control is robust against grid
voltage distortions.
The major drawback using this concept is the exclusive functionality with high-voltage modules.
However, in case of a future market for such systems, producing such specialized modules might
become profitable (economy of scale) [107].
3.2 DC Distribution
Three concepts using a DC distribution were introduced in the state of the art, see Figures 2.6(a),
2.6(b) and 2.7. In all three cases, i.e. parallel, cascaded or bypass module-integrated converter,
a DC-DC converter is used as MPPT, and a central DC-AC converter is used as front end. Thus,
cost effective central grid connection is established. The hardware effort for the local MPPT, being
costly by trend, is reduced. A reduced number of components also results in a better reliability
of the locally distributed MPPTs. Concerning lifetime, all three concepts are considered being
capable to meet the requirements of a 20-years lifetime. Since a low frequency power pulsation is
avoided using a DC distribution, there is no need for electrolytic capacitors.
A drawback of the concepts using a DC distribution, is the DC distribution itself. In contrast
to AC-modules the effort for such systems is increased, since dc-cabling, connectors and fuses
are necessary. Furthermore safety is an issue. For example an electric arc does not extinguish
automatically in dc-systems.
For the purpose of a comparison the three different concepts are discussed with focus on the MPPT
concept, on possible dc-safety measures, on flexibility and on potential efficiency.
Parallel module-integrated converter, Figure 2.6(a)
The central DC-AC converter controls the DC distribution voltage to a constant level. Thus, trans-
ferred power is proportional to the dc-input current of the DC-AC converter. MPPT is performed
in a slower control loop, which is uncritical. Since each DC-DC converter has a constant output
voltage, MPPT means controlling the input to output voltage ratio. Typically the DC-DC convert-
ers show a high frequency step up transformer, since typical module voltages are in the tens of
volts and the DC distribution line’s voltage must be sufficient to feed the grid with a single-stage
VSI without transformer. The advantages and disadvantages are summarized as follows:
• A galvanic isolation means a potentially reduced efficiency.
• A galvanic isolation maximizes flexibility. All kinds of modules could be adapted by a DC-
DC converter to the DC distribution. This includes classical thin film modules, which can be
clamped to protective earth such that a negative bias voltage is avoided. Thus, deterioration
due to small leakage currents is avoided.
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• The system is completely scalable. On the one hand modules including the DC-DC con-
verters could be connected in parallel up to the power of the DC-AC converter. However,
also the DC-AC converter could be paralleled for a system extension.
• Aminimum power-line communication from the DC-AC converter to the DC-DC converters
can be established on the DC distribution by adaption of the distribution voltage. Further-
more parts of the utility-grid’s load-frequency control can be supported with this system.
For example in case of elevated grid frequencies, the distribution line’s voltage could be
increased by the DC-AC converter to advise the DC-DC converter not to track the MPP.
• Important safety measures can be implemented, improving system safety compared to clas-
sical DC-distributed string and central systems. An enable signal for MPPT operation
should be coded by a small voltage range of the DC distribution voltage.
– In case of low and zero voltage the DC-DC converter is disabled.
– In contrast to conventional string and central converter systems, mounting and main-
tenance work is carried out with a shortened DC distribution, not at full open circuit
voltages of strings up to 1kV.
– In case of overvoltages the DC-DC converter is disabled. This might happen as a
consequence from a defect in the DC-AC converter.
– For maintenance, not only of the PV-system but also of the building, the DC distribu-
tion can be shortened
• Defect MPPTs cannot be detected in a central unit without e.g. additional communication
lines.
Cascaded module-integrated converter, Figure 2.6(b)
Each element in the string of cascaded module-integrated converters conducts the same current.
Thus, MPPT means maximizing the output terminals voltage at a given string current. The DC-
DC converter must not show a high input to output voltage ratio, typically there is no galvanic
isolation.
• The converter efficiency is potentially high since standard buck or boost topologies can be
used without galvanic isolation.
• In case of no galvanic isolation there is a negative bias voltage at some of the modules.
Thus, the classical thin film modules would show deterioration due small leakage currents.
• The system is not completely scalable. The string length must match the input specifications
of the DC-AC converter. A system extension would mean adding a complete string of
cascaded converters.
• A power-line communication from the DC-AC converter to the DC-DC converters cannot
be established. Since in the default case of MPPT there is a variable output voltage at the
DC-DC converter’s output terminals, a variation of the total DC-distribution voltage will
not be recognized without further measures.
• Depending on the detailed topology, important safety measures can be implemented
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– In case of realizing the DC-DC converter with a buck converter topology, the DC-
distribution can be decoupled from the PV-module by disabling the switch. Thus,
shortening the DC-distribution for installation and maintenance is possible.
– In case of realizing the DC-DC converter with a boost converter topology, the DC-
distribution cannot be decoupled from the PV-module. With a disabled boost converter
there will always be the PV module’s voltage at the converter’s output. There is the
possibility to short circuit the PV-generator, but maintenance work on the cabling with
disconnecting a dc current conducting wiring is not feasible.
• Defect MPPTs cannot be detected in a central unit without e.g. additional communication
lines.
Concerning efficiency and flexibility another challenge of this concept is pointed out in [71]. In
case there are N cascaded module-integrated converters in a string, the output power of the kth
converter is linked to the output voltage by
Vk =
Pk
∑Nj=1Pj
Vdstr , (3.2)
with Vdstr = ∑kVk being the total distribution line’s voltage. However, each DC-DC converter
shows maximum and a minimum output voltage, e.g. limited by extreme duty cycles. Thus,
output power is limited to
Vk,min
Vdstr
≤ Pk
∑Nj=1Pj
≤ Vk,max
Vdstr
. (3.3)
This results in the following exemplary effect. In case one shaded module can just produce power
for achieving the minimum voltage Vmin, and another module has five times the solar power, but
Vmax < 5 ·Vmin, then total power clamped. The severeness of this effect is illustrated with an
example in [71].
This problem could be solved by reducingVdstr and increasing the cascaded string’s current. How-
ever, this means a costly communication system from the DC-DC converter’s to the DC-AC con-
verter. If such measures were not undertaken, the design of such systems is not completely flex-
ible. A design avoiding this loss mechanism needs similar irradiation levels for all modules. A
system designer must answer the concrete question: Does the geometric assembly meet the mini-
mum degree of irradiation similarity? The system designer would need powerful numerical tools
for a design, always with the necessity of entering the geometric assembly. An important selling
argument for local MPPTs, i.e. being completely flexible and scalable, would be lost.
Bypass module-integrated converter, Figure 2.7
In a system with bypass module-integrated converters there is one DC-AC converter, N modules
and N−1 bypass module-integrated DC-DC converters. In case of no mismatching the string acts
as classical string and the bypass converters have nothing left to do. Thus, the DC-AC converter
performs MPPT tracking. In case of mismatching the DC-DC converters perform MPPT for one
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module. The DC-AC converter still performs MPPT for the complete system, resulting in an
operation of the remaining module in its MPP. Consequently, the DC distribution line’s voltage is
variable, the DC-AC converter has to be designed correspondingly. There is inherently no galvanic
isolation.
• The converter efficiency is potentially high.
• There is a negative bias voltage at some of the modules. Thus, the classical thin filmmodules
would show deterioration due small leakage currents.
• The system is not completely scalable. The string length must match the input specifications
of the DC-AC converter. A system extension would mean adding a complete string of
cascaded converters.
• A power-line communication from the DC-AC converter to the DC-DC converters cannot
be established via the DC distribution voltage, which is variable by nature.
• Implementing extra safety measures is limited to the classical string or central systems. The
DC distribution line cannot be decoupled from the PV-generator.
• Defect bypass converters cannot be detected in a central unit. However, depending on the
fault the corresponding module continues to produce power.
• The effort for DC cabling is significantly increased compared to other DC-systems.
Concerning the design of the bypass converters, they have the tremendous advantage that they do
have to transfer only part of the module’s power. However, nominal power of the converters de-
pends on the degree of mismatching, mostly partial shading. An optimized design of the converter
depends on the concrete installation including geometry issues.
3.3 Three-phase Medium-frequency AC Distribution
A three-phase AC distribution system shows a continuous power flow. It overcomes the safety
disadvantages of DC distribution systems, at least to the ones which do not show the above men-
tioned capability of shortening this voltage. The general idea is derived from two previously
discussed systems. In both the three-phase AC module with VSI and the parallel MPPT with DC
distribution the power is transferred through a DC-DC converter, typically boosting the voltage
by means of a transformer, and a VSI. For a further reduction of the locally distributed electronics
at the modules, being costly by trend, the system interconnection line is proposed to be located
directly after the first DC-AC converter, resulting in a three-phase AC link at elevated frequency
as depicted in Figure 3.4.
This kind of interconnection is known from other applications like uninterruptable power supplies
or power distribution in a computer to different loads via an AC-link [61] [75]. The DC-AC
converter at the PV-module performs the MPPT and boosts the voltage, possibly by means of a
transformer. Power is fed into the grid via an AC-AC converter. The reason for choosing only
a reduced medium frequency in the AC-link is reasoned by the capability of the central AC-AC
converter to handle a high power at a high efficiency.
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Figure 3.4: System concept with medium-frequency AC distribution
Concerning the central converter, the approach is to design a direct single-stage AC-AC converter,
i.e. either a cyclo- or a matrix converter, to minimize the effort.
Cycloconverter
Cycloconverters show the advantage that only thyristors are necessary for the operation. However,
a three-phase cycloconverter shows the need for either a complex medium frequency transformer,
or for a large low frequency transformer in open delta connection to prevent shorts. Furthermore,
the line would have to transfer a significant amount of reactive power, since always a mandatory
commutation current (idstr) lags the voltage (vdstr).
Due to the according efficiency drops on the ac-link as well as the hardware effort of the additional
transformer, the cycloconverter is not discussed further.
Matrixconverter
A matrixconverter is fitting the requirements. Although it needs 9 reverse-blocking switches or a
composition of 18 unidirectional switches, being available at the market, the matrix converter can
control both grid current and AC-link quantities vdstr and idstr to be sinusoidal at the same time
[87]. Grid voltage distortions lead to distortions on the AC distribution as well.
The distributed DC-AC converters, i.e. the MPPTs, must perform a PLL of the AC-link voltage
and inject the power into the AC-link. Sharply tuned resonant circuits in the converter can provide
a sinusoidal current, although the DC-AC converter is operating in block mode [75]. The MPPT
includes a transformer to increase the voltage level for the distribution.
The system shows the following advantages and disadvantages:
• Implementing a galvanic isolation in the MPPTs means a potentially reduced efficiency.
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• Implementing a galvanic isolation maximizes flexibility. All kinds of modules could be
adapted by a DC-AC converter to the AC distribution. This includes classical thin film
modules, which can be clamped to protective earth such that a negative bias voltage is
avoided. Thus, deterioration due small leakage currents is prevented.
• The system is completely scalable. On the one hand modules including the DC-AC convert-
ers could be connected in parallel up to the power of the AC-AC converter. However, also
the AC-AC converter could be paralleled for a system extension.
• A minimum power-line communication from the AC-AC converter to the DC-AC converters
can be established on the AC distribution by adaption of the distribution voltage. Further-
more parts of the utility-grid’s load-frequency control can be supported with this system.
For example in case of elevated grid frequencies, the distribution line’s voltage could be
increased by the AC-AC converter to command the DC-AC converter to deviate from the
MPP.
• In contrast to conventional string or central systems this system is inherently safe, since
ac-cabling without need for dc-safety measures is installed.
• For maintenance, not only of the PV-system but also of the building itself, the AC distribu-
tion can be shortened, disabling all MPPTs.
• Defect MPPTs cannot be detected in a central unit without additional communication lines.
3.4 Comparison - Choice of the Parallel DC-Distribution
System Concept
Different system concepts realizing MPPT converters with a potentially high lifetime were pre-
sented. Generally systems with an AC distribution show the advantage of a safe and cost effec-
tive wiring and installation. However, using a DC distribution with module-integrated converters
makes various safety features possible, depending on the concrete topology. In contrast to con-
ventional systems with string or central converter major benefits can be achieved. Especially in
case of the parallel module-integrated converter, safety is comparable to an AC distribution since
in case of faults, resulting in a fast and significant voltage variation of the DC distribution, all
converters can be programmed to be disabled. Furthermore, the DC distribution can be shortened
for maintenance work on the PV-system or on the building facade.
In a first step, the
• low-frequency AC distribution using CSI,
• DC distribution using parallel module-integrated converter and
• medium-frequency AC distribution using matrixconverter
are identified to be compared further. Subsequently the superior performance of the parallel
module-integrated converter concept over the matrixconverter concept is qualified. Finally, the
arguments are given for choosing the parallel module-integrated converter compared to the CSI.
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Within the system concept with low-frequency AC distribution the approach with CSI is superior
to the VSI. In the CSI less converter stages with a significantly reduced control effort lead to a
better efficiency. However, the CSI is limited to special high voltage modules.
Concerning the system concept with DC distribution, the parallel module-integrated converter
shows the highest flexibility in terms of using any modules and the ability to scale the system.
Although the cascaded and the bypass module-integrated converter show a potentially increased
efficiency since they typically do not show a galvanic isolation, both systems are not considered
further. Cascaded systems show only a safe dc-cabling in case of special converter architectures.
The installation of such systems is limited to geometries with similar irradiation levels, making
the system unflexible and unwieldy for installers to properly design for a specific geometry. By-
pass systems show the same safety problems due to dc-cabling as conventional central and string
systems do. Furthermore this system is not flexible in terms of installing an arbitrary number of
modules.
The medium frequency AC distribution with matrixconverter, being superior to the cycloconverter,
also shows highest flexibility and all safety features.
Matrixconverter concept vs. parallel module-integrated converter concept
The comparison in presented in in two steps: In the first step the matrixconverter is compared to
a grid connected AC-AC converter consisting of diode rectifier and voltage-source inverter (VSI),
see Table 3.3. This can be done since in the given application there is unidirectional power flow.
Topology
Fully
Controlled
Devices
Fast
Diodes
Rectifier
Diodes
Electrolytic
Capacitors
Matrixconverter 18 18 0 0
VSI with
Diode Bridge 6 6 6 1
Table 3.3: Device count of two possible AC-AC converters, see Figure 3.4 [130]
At the cost of a large, typically electrolytic capacitor in the central AC-AC converter unit, the
effort for silicon devices is reduced significantly. From that point of view an inverter with diode
bridge is superior to the matrixconverter.
In the second step, this voltage-source inverter with diode bridge is compared to the parallel
module-integrated converter with DC distribution. The only difference concerning the device
count is mounting the location of the diode rectifier, either distributed to the module-integrated
converters, or in a central unit. Consequently the systems shows an AC or a DC distribution. The
parallel module-integrated converter with DC distribution is superior and further regarded for the
following reasons:
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• The parallel module-integrated converter shows a safe DC distribution with the ability of a
power line communication, e.g. for enabling and disabling MPPT etc. In case of a central
rectifier and AC distribution there must be a master slave configuration within the modules,
since all modules, apart from the master module, have to synchronize on a specific AC
output. A mandatory irradiation on the master module and the necessity of extra communi-
cation lines for implementing safety measures makes the system unflexible. This drawback
could be overcome using two back-to-back connected VSIs instead of a diode bridge and a
VSI. However, silicon effort for this solution is increased again, compare Table 3.3.
• Implementing many small rectifiers instead of a large one is a drawback concerning the total
device count. However, the summarized total rectifier-silicon area for both systems, being a
first order estimation for material cost, is the same in a design for constant rectifier losses.
It is seen that the parallel module-integrated converter is superior to the concept with central
diode rectifier with VSI, and that the latter is superior to the matrixconverter concept. Thus, the
parallel module-integrated converter is also superior to the matrixconverter, which is not discussed
further. Using a matrixconverter with medium frequency AC distribution becomes an alternative
when reverse-blocking switches are available.
CSI concept vs. parallel module-integrated converter concept
Two safe and flexible systems with a potentially high lifetime are identified, i.e. the parallel
module-integrated converter with DC distribution, and the three-phase AC-module with current-
source inverter. The parallel module-integrated converter with DC distribution and central inverter
is chosen for the subsequent analysis, reasoned by the following aspects:
• Concerning the modules, all cell technologies, thin film as well as crystalline cells, show the
potential to increase cell efficiency. As indicated in Figure 2.3, an increase in module effi-
ciency is much more significant for the overall energy output than an increase in converter
efficiency, since typically the inverter efficiency is beyond 95% and today’s commercial
cell efficiency is below 20%. In case of improvements of any cell technology, the parallel
module-integrated converter is flexible to any modules/cells. In contrast, special thin-film
high-voltage modules are mandatory for the CSI.
• DC systems show the advantage of a better ratio between transferred power and installed
power (peak voltage insulation times peak current).
• The three-phase AC-modules with CSI show the advantage, that only a single-stage con-
verter is necessary. However, also this system shows the need for a central unit, since e.g.
islanding detection and consequent full galvanic disconnection, mandatory in Germany, is
costly to implement locally at each MPPT. Furthermore metering is a major issue, since
most owners are paid for the energy fed into the grid.
• Features like a ride through capability can be implemented easily using a central converter
unit. Implementing all these features on each single converter locally at the modules when
using a CSI means increased effort.
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• A central unit for disconnection from the mains (and for metering if applicable) is mandatory
in both cases. Thus, shifting functionality and hardware effort to the central unit is cost
effective and more reliable by trend. The parallel module-integrated converter is basically
minimized and simple. It must only show the capability of performing MPPT and safety
features, executing commands from a minimum power line communication.
3.5 Components of the Parallel DC-Distribution System
Concept
The most appropriate PV system topology for a flexible local Maximum Power Point Tracking
system is identified in the previous sections. It makes use of a DC distribution as described in sec-
tion 3.2 using parallel module-integrated converters as depicted in Figure 3.5, showing identical
components compared to the previous Figure 2.6(a).
Figure 3.5: Parallel module-integrated converter
In the overall control concept the grid connected DC-AC converter controls the distribution line’s
voltage Vdstr to a constant value such that the DC-DC converters simply perform MPPT by max-
imizing their output currents on the distribution line. No additional wires are necessary, since
safety features and line-frequency control can be integrated in a power line communication using
a variable Vdstr, as indicated in section 3.2. Thus, the distributed critical key component at the
modules, i.e. the DC-DC converter, operates autonomously and shows no need for a high control
effort.
In this section different boundary conditions from the system point of view are considered and
summarized in the specifications for the key component. These specification establish the basis
for the concrete design of the DC-DC converter in the subsequent chapters.
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3.5.1 Distribution line and DC-AC converter
Twomain aspects have to be regarded in the design of the DC-AC converter with its coupling to the
distribution line, i.e. the DC-AC converter has to comply with grid codes and standards and both
dc-distribution wires have to stay on a non-floating potential with regard to ground to avoid any
emissions or disturbance of other components. For the minimization of losses a transformerless
central DC-AC inverter is proposed with an LCL-line filter, with the explicit exchange of the grid
transformer to three more efficient and more cost effective inductances, as depicted in Figure 3.6.
Vdc=
const
vgrid
vdc-gnd
v
C
3 L1 3 L2
3 C vL2
Vdstr Lc
Cdc
Cdc
Cdstr
Cdstr
v
Lc
Figure 3.6: DC-AC converter
In this topology the filter capacitor C is clamped back to the dc-link voltage. If this connection
would be opened, then the voltage vdc−gnd would show a severe floating potential with respect
to ground [121]. As an alternative a floating potential could also be avoided by the use of an
isolating transformer, which is not regarded for the purpose of cost reduction and efficiency max-
imization.
The behavior at switching frequency can be studied further when the low frequency 50Hz com-
ponent is neglected by replacing the grid-voltage sources by shorts. The duty cycle of the half
bridges is assumed to be 0.5, i.e. the duty cycle where the LCL-filter is exposed to maximum
stress, see also (3.1). All half bridges are switching simultaneously to the upper or the lower dc-
link potential. Whereas differential mode LCL-filter design can be carried out by state-of-the-art
methods in a first step, e.g. [70], in the common mode filter design common mode stress can
be minimized. In the following thought experiment, minimization of stress and the design are
regarded.
Assuming a sine-triangular standard pulse-width modulator, the triangular carrier signals are typi-
cally aligned for the three phases. At identical duty cycles of 0.5 common mode stress is obivously
maximum. Stress can be minimized by phase shifting the carrier signals. The current ripple in
L1 is mostly conducted in the filter capacitor C, resulting in a maximum voltage ripple in vC in
the tens of volts at switching frequency. Due to the ground connection on the AC- as well as on
the DC-side, the same voltage ripple must be carried by the inductances Lc and L2, being visible
in the ac-signal of vLc+ vL2. Thus, the active part of the converter itself is floating with regard
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to ground. The common mode filter with the mentioned inductances may include additional Y-
capacitances and must be designed to meet the specifications. Finally, AC- as well as DC-side
show non-floating behavior. However, the converter itself is on floating potential varying by tens
of volts, visible in vdc−gnd.
EMI-filters including all mentioned components are mandatory in modern converters. The au-
thor expects that although the described increase of EMI filter-effort becomes necessary, overall
costs will be reduced at increased efficiency. This is reasoned by replacing the transformer using
inductances, with the latter contributing to the common mode filter effect significantly as well.
A galvanically non-isolated front end, as given here, shows a minimum dc-link voltage being the
rectified 400V AC voltage, i.e. Vdc−gnd,min =
√
2
√
3 ·230V= 566V. In that case a third harmonic
has to be modulated e.g. by using space vector modulation. However, with the capacitors C
being clamped back to the dc-link, a corresponding third harmonic current would have to be
conducted. The third harmonic would also be visible in Vdc−gnd such that the ground connection
from the distribution line via Cdstr must be opened. This low-frequency floating potential of the
distribution line might be tolerated in contrast to the hard specification above. However, to avoid
third harmonic currents in the switches, in L1 and in C and to avoid their corresponding losses,
it is proposed that the modulation of a third harmonic is not carried out. The absolute minimum
voltage to feed the mains is Vdc−gnd,min = 2
√
2 · 230V = 650V. Since duty cycles close to zero
or one are hard to modulate and due to grid voltage variations, the nominal dc-link voltage is set
to 700V. Thus, also the nominal non-floating voltage of the distribution line is set to the same
nominal voltage:
Vdstr := 700V (3.4)
3.5.2 Specifications of the DC-DC converter, the key component
Besides the general specifications for local MPPT systems from subsection 2.1.3, the design and
the optimization of the discussed DC-DC converter is carried out regarding additional specifica-
tions. All DC-DC converter related specifications are given here. The boundary of the discussed
system is depicted in Figure 3.7.
Electrical input specifications
At the input terminals the converter is designed for one exemplary PV module, i.e a 72 cell poly-
crystalline 167W module [112]. The characteristic data sheet information is very similar to the
data of 72 cell mono-crystalline 170W modules [23] [115] [113]. The resulting V-I terminals
characteristics are derived using a PV module model [101], similar to [14]. The exemplary PV-
module’s characteristic is presented in Figure 3.8.
While in Germany the maximum solar irradiation of about 1000W/m2 is determined by the solar
constant of 1340W/m2 and the atmosphere, the temperature has more influence parameters. A ver-
ified model of PV-cell temperature depends on ambient temperature, irradiation, wind speed and
wind direction [119]. A calculation at no wind at 40°C ambient temperature and 1000W/m2 yields
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Figure 3.7: Converter system boundary
in a maximum cell temperature of 70°C. A conservative approach is applied with temperatures up
to 75°C. The curve 1000W/m2,−25°C is not regarded since full irradiation on a dark surface, i.e.
1000W/m2,0°C, is still very conservative.
Figure 3.9 shows PV power over voltage for the same operating temperatures and irradiations
again, with the MPP’s indicated. For steady state operation MPPT is assumed, such that the
operation region is limited as indicated.
The DC-DC converter has to be capable to operate within the whole operation region. In reality
there will be a lower power limit due to own consumption which is not relevant for the specifica-
tions.
Electrical output specifications
At the output the distribution line’s voltage was derived in section 3.5.1 to the constant value of
Vdstr= 700V. Furthermore no EMI should be emitted by the DC-DC converter into the distribution
line. The latter aspect is easily handled and thus not considered further in this thesis for the purpose
of concentrating on other details. A short explanation is given in the footnote(iii).
The DC-DC converter’s output terminals are virtually connected to the constant voltage source
Vdstr, which serves as power sink. However, this is only valid for frequencies up to the control
bandwidth of the distribution line voltage. The uncritical MPPT algorithm has to be designed
slower in order to avoid control oscillations. The MPPT can be performed by maximizing output
current.
(iii)The DC-DC converter shows a high input-to-output voltage ratio, as can be read from the values above. Thus, a
transformer becomes necessary as can be seen in the chosen topology in Figure 4.1. This transformer shows, due
to the distance from primary and secondary windings reasoned by leakage paths, a minimum of coupling capac-
itance, see also section 2.2.4. The passive diode rectifier, being connected to the distribution line, is furthermore
snubbered. Thus, diodes are only switched with limited dvdt . In case the source for EMI, being minimized by the
mentioned principle, still leads to problems, the capacitive EMI filter could be extended by inductances, see also
section 4.1.4
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Figure 3.8: Module V-I characteristics for two solar irradiation levels and different cell tempera-
tures
Thermal specifications
For maximum reliability hot spots and temperature cycles have to be designed to minimum values.
Thus, it is also proposed to mount the converters to the frame of the modules, not onto the backside
of a PV-module, such that cooling into the aluminum frame becomes possible [81]. However, not
all modules have an aluminum frame. Thus, as worst case specification mounting the module
to the backside of the module lamination is considered in the following. Furthermore, with the
reasonable assumption, that with increasing transferred power also total converter losses increase,
discussion is carried out for the worst case of an irradiation of 1000W/m2.
In case the construction cannot dissipate heat at the backside of the module, the converter has to
dissipate its losses through the module itself. This results in increased cell temperatures, even
above the 75°C as mentioned in the electrical input specifications. Extrapolating Figure 3.9 shows
that increasing temperature of another 25°C at 1000W/m2 would lead to operating MPP’s still
within the specified electrical input region. It is proposed in claim 5 of [28] to spread the heat
over a whole module and dissipate it through the front side evenly by using the module’s back side
laminate consisting of metal and plastic foils. Then all cells approximate to a constant temperature
level.
The maximum converter’s temperature is limited by the silicon devices, mostly specified with
Tcrit = 125°C. In case ferrites are used for magnetic components, thermal losses increase again
for temperatures above approximately Tcrit = 100°C (thermal runaway, depending on thermal re-
sistance to ambient, might occur). The curie temperature of cobalt based amorphous metals is
above 200°C, it is even higher for other amorphous metals. Using metals for magnetic compo-
nents, which show a large temperature stability, the temperature rise is not considered critically.
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Figure 3.9: Operating region of module [112]
In case of no backside heat dissipation the module’s cells itself can be considered as the heat sink.
However, cell temperature Tcell is also coupled to the module’s power, as indicated in Figure 3.9.
The temperature dependence is described with the temperature coefficient of power αPm(< 0):
PPV = PPVSTC (1+αPm(Tcell−Tcell STC)) (3.5)
The maximum temperature increase ∆T is limited with regard to the critical temperature Tcrit of
silicon or ferrite to:
∆T = Tcrit−Tcell (3.6)
= Tcrit−Tcell STC− 1αPm
(
PPV
PPVSTC
−1
)
(3.7)
The transferred power, assumed to be equal to PPV in this worst case consideration, is furthermore
linked to the PV module’s voltage vPV. Another linear approach of the MPP as a function of volt-
age, power and temperature was found for this purpose. For the exemplary module the allowable
temperature rise is indicated in Figure 3.10, αPm =−0.485%/°C [112]:
Peak power is only transferred (and provided by the PV-module) in case the cell temperature is
low. In other words: At higher power levels the heat sink, i.e. the cells in this consideration, shows
a low temperature leading to a higher allowable temperature rise.
An aluminum frame is considered showing a lower temperature compared to the modules. Mount-
ing the converters to the frame leads to an even higher temperature rise.
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Mechanical specifications
For a good integration of the converter mounted to the backside of a PV-module or to its frame,
the converter should show a maximum height of 3cm [81]. The flat design abets an efficient
cooling, since the surface to volume ratio is high. The area is basically only limited by the module
surface.
4 The Series-Parallel Resonant Converter
The converter performing the maximum power point tracking (MPPT) is a series-parallel resonant
LLCC-type DC-DC converter (SPRC), belonging to the family of multi-resonant converters. One
exemplary single-phase SPRC is depicted in Figure 4.1. The motivation of choosing a SPRC is
qualified in section 4.1. In this thesis a SPRC contains a resonant tank consisting of an arbitrary
transformer and two capacitors. Since the leakage of the transformer will show a high value and
the main inductance is limited to also form a resonant element, the device is called transformer-
inductor device in the following. However, the term SPRC is ambiguous when looking into liter-
ature. In both cases either Cp→ 0 or Lh→ ∞ there exist both a series and a parallel resonance. In
this thesis both parallel elements are regarded for the SPRC and the rectifier is directly clamped
to a capacitive voltage-source output, as motivated in section 4.1.
CinvPV Lh
Cp
Lpri,sCs
VdstrCout
L sec,s
’
resonanttank rectifierinverter
ideal
r =
N
N
1
2
Figure 4.1: Exemplary single-phase series-parallel resonant converter
The different degrees of freedom within the SPRC, i.e. a variable number of inverter and rectifier
legs resulting in different single-phase and three-phase SPRC’s, are presented. Two SPRCs are
identified to be analyzed in detail further. Both are represented by the same single-phase equiva-
lent ac-circuit. To the author’s knowledge the three-phase SPRC is a novel topology.
For a high converter efficiency first a target frequency is calculated from an estimated sum of
frequency-dependent loss contributors. Furthermore emphasis is put on the minimization of rms-
currents in the voltage-source converter as major effect for achieving high efficiency.
The converter is further analyzed using the first harmonic approximation (FHA), leading to design
rules for the passive resonant tank elements. However, since FHA is only an approximation, a
numerical optimization is carried out to include the nonlinear effects of the circuit. Using the
design rules derived from FHA, a fast design is possible. The determined components are target
values for the implementation.
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4.1 Choice of the SPRC Topology
There is a huge variety of DC-DC converter topologies which could meet the specifications. In
the discussion the load-resonant converters are identified as the potentially best possibility. In a
second step the motivation for choosing one specific load-resonant converter, the above indicated
LLCC-type SPRC, is given. Within the variety of SPRC configurations, both an advantageous
single-phase and an advantageous three-phase configuration are identified for further study.
4.1.1 Classic switched-mode power supplies
Classic switched-mode power supplies, consisting of magnetics, capacitors and the switching sil-
icon devices have to include a transformer to meet the specifications, in particular with regard to
the maximum voltage step-up ratio of 35. However, galvanic isolation is not required but helps
to minimize EMI. Consequently, the buck-, boost- and classical cúk converter are not considered,
whereas the flyback-, push-pull-, forward- and isolated cúk converter as well as the load-resonant
converters are discussed.
The flyback-, push-pull-, forward- and isolated cúk converter have in common, that peak trans-
former currents are turned off, resulting in increased turn-off losses, see section 2.3.2. The same
applies to the single-active bridge, with a reduced (not minimized) turn-off current when extending
the topology to three phases [25]. One way to minimize this problem is using resonant-switch con-
verters, with the nomenclature based on [83]. Soft switching can be achieved with these topolo-
gies by adding snubber capacitors and/or inductors or active clamping circuits. A highly efficient,
snubbered, active-clamped flyback converter showing an efficiency of ηeuro = 93% for the same
application of a local MPPT was demonstrated [13]. Another percent increase of efficiency is in-
dicated due to a non-optimum prototype for characterization purposes. However, large electrolytic
capacitors are used and the output voltage of 24V is not sufficient for feeding the mains.
Load-resonant converters, such as the series-resonant converter, the parallel-resonant converter
and combinations of both, show a so called resonant tank, compare Figure 4.1. This resonant
tank consists of inductive and capacitive components between the active input bridge and the
rectifier, resulting in resonance phenomena. During converter operation the resonant tank current
follows the resonance and comes down before turn off, such that the turn-off current is small.
Additionally, snubbers can be implemented resulting in a resonant-switch converter at the same
time. The importance of both effects, having a reduced turn-off current and the possibility to use
snubbers is qualified in section 2.3.2, especially in Figure 2.22. Load-resonant converters show a
symmetrical operation during one period. Since both halves of one period are equal, apart from
the sign, power is transmitted during a high percentage of the period. This behavior is contrary
e.g. to the flyback operation. Symmetric operation results in reduced rms-currents in the resonant
tank, thus reduced losses, and less need for dc-link capacitance. Due to the symmetric operation
bidirectional core excitation is achieved, which also means a good utilization of the transformer.
Reasoned by the reduced turn-off currents and better component utilization, load-resonant con-
verters are determined to be further studied for the given application.
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4.1.2 Load-resonant converters
For the description of load-resonant converters using a transformer, the number of resonant ele-
ments in Figure 4.1 can be reduced by one using the L-equivalent transformer circuit, compare
section 2.2. The equivalent circuit is given in Figure 4.2, with the new elements determined by
(2.36), (2.37) and (2.38).
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Figure 4.2: Simplified equivalent circuit of a single-phase SPRC
The different load-resonant converters are discussed by using Figure 4.2. For example the single-
active bridge (i) is given for Cp→ 0, Cs→ ∞ and Lp→ ∞. For the consecutive argumentation it is
necessary to depict details on the choice of the rectifier configuration first.
Rectification
Often in literature an inductance Ldc is connected between the rectifier and the output capacitor
Cout. This inductive current-source output filter is not regarded for several reasons: First, an extra
inductive component means extra effort and extra losses coming from the voltage ripple across
the inductance Ldc. Consuming a corresponding current ripple in ceramic capacitors, as proposed
for the converter, generally means lower losses. Second, omitting Ldc means that stress on the
parallel capacitorCp is reduced [8]. Third, at high output voltages, as given in the application with
Vdstr = 700V, it is proposed for series-resonant configurations to better use capacitive voltage-
source output filters [117]. Fourth, the combination of a parallel capacitor Cp with a capacitive
output filter results in soft switching of the diodes [62]. Here, the parallel capacitor Cp serves as
snubber of the diode bridge. Thus, high efficiency and low switching noise are expected.
Series-resonant converter (SRC) Cp→ 0, Lp→ ∞
With the series capacitor a dc-voltage is blocked, thus there is no dc-current in the transformer.
This allows to operate the converter with a full bridge without the additional control to balance the
voltages. Furthermore this converter features a decrease of resonant current with decreasing load.
(i)non-load resonant converter, [25]
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Thus, high part-load efficiency is achieved [117], being essential for PV converters regarding the
European efficiency. A disadvantage is the not existent no-load regulation. MPPT should also be
performed in the given application for the whole input voltage range at low power. A detailed
qualification of this converter with focus on the number of phases, its stationary and transient
behavior is presented in [58].
Parallel-resonant converter (PRC) Cs→ ∞, Lp→ ∞
The additional current in any parallel component always means additional reactive current, caus-
ing losses. Thus, part-load efficiency is relatively low [117]. However, controllability by fre-
quency variation is high. This converter is short-circuit proof, which is not required in this ap-
plication. The PRC is recommended for low output voltage applications with high short circuit
requirements [117].
Series-parallel resonant converter (LCC) Lp→ ∞
With the proper selection of components both advantages of the PRC and the SRC can be com-
bined [117]. A full power control range is given with small variation in frequency [9].
Series-parallel resonant converter (LLC) Cp→ 0
Again, the advantages of the SRC and the PRC are combined. In comparison to the LCC converter
there is a major advantage: The converter operation as resonant pole inverter, thus achieving zero-
voltage switching (ZVS) at turn on, presumes an inductive load [34] [35]. With an operation at the
target frequencies around the series resonance frequency of Ls and Cs (low turn-off current), this
is achieved with LLC [109]. LCC shows a capacitive load as can also be seen from the current and
voltage waveforms in [9]. Capacitive switching has advantages for a zero current switching (ZCS)
transition. In the target application with frequencies above 100kHz MOSFETs are used. Due to
the inherent parasitic capacitive elements of MOSFETs ZVS is privileged over ZCS [83].
Series-parallel resonant converter (SPRC)
In literature this topology is also found as LLCC-type resonant topology. Choosing the component
values, the load can be capacitive or inductive. This fourth-order topology additionally requires
less frequency variation for the control, it is proposed to utilize component parasitics for the
different resonant elements [6].
In the given application an inductive load for achieving ZVS is mandatory, as indicated above.
Furthermore, the rectifier should be soft switched. Thus, both Lp and Cp are necessary for a
potentially high performance converter operation.
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Due to the accumulation of advantages the series-parallel resonant LLCC-topology, i.e. SPRC, is
chosen as the topology for the converter. It can potentially degenerate in the design and optimiza-
tion process to the aforementioned more simple load-resonant converters.
4.1.3 Single-phase and three-phase SPRC variations
At the given power level below 200W usually single-phase converter topologies are found. How-
ever, three-phase topologies show a high potential to reduce size and weight, and thus costs, of
passive components [58]. Scaled for the low power application, this effect is examined in partic-
ular with regard to a low effort integration of a three-phase transformer.
The single-phase SPRC could be either implemented with a half-bridge inverter or a full-bridge
inverter connected through the resonant tank to a half-bridge rectifier or a full-bridge rectifier. In
Figure 4.3 the different possibilities are depicted, the ideal switches represent MOSFETs or diodes
respectively. The idealized series-resonant ac-quantities are indicated.
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Figure 4.3: Single-phase bridges: inverters and rectifiers
The three-phase SPRC, depicted in Figure 4.4, is considered with six silicon devices for both the
active input-bridge as well as the rectifier. The indication of the load voltages pointing to a star
point is important later on for the equivalent single-phase description. However, this indication
does not exclude three-phase transformers in delta connection.
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Figure 4.4: Three-phase bridge: inverter and rectifier
Rough comparison of single-phase and three-phase topologies
A rough comparison of single-phase and three-phase topologies is presented for symmetric op-
eration, i.e. 50% duty cycle per half-bridge, 180° phase shift beween the inverter legs of the
full-bridge and 120° phase shift beween the inverter legs of the three-phase bridge [30]. The
comparison helps as reference value, since ideal series-resonant operation shows similar current
waveforms to the SPRC. It is carried out on application level, i.e. the compared single- or three
phase inverter- or rectifier-bridges transfer the same power P at the same clamped dc-link volt-
age Vdc. The results are valid for the inverter-bridges as well as the rectifiers. However, with the
introduced nomenclature from Figures 4.3 and 4.4, power is negative for the rectifiers.
For a transferred average power P the transient resonant tank current iac is fixed with the above
indicated switching pattern. The transient power in the resonant tank can be derived as well as the
current in the silicon devices and current iC in the dc-link capacitors. It is assumed that the input
current P/Vdc is constant. Table 4.1 presents all important quantities, with the operating frequency
equal to the resonant frequency f = 1T =
ω
2pi .
iac(t) p(t) iC(t)
Half-bridge P·piVdc sin(ωt) P ·
pi
2 |sin(ωt)|
P
Vdc
{
1−pisin(ωt) for0≤ωt≤pi
1 forpi≤ωt≤2pi
periodical in 2pi or f
Full-bridge P·pi2Vdc sin(ωt) P ·
pi
2 |sin(ωt)| PVdc
(
1− pi2 |sin(ωt)|
)
Three-phase
bridge
P·pi
3Vdc
sin(ωt)
P · pi3 sin(ωt)
for pi/3≤ ωt ≤ 2pi/3
periodical in pi/3 or 6 f
P
Vdc
(
1− pi3 sin(ωt)
)
for pi/3≤ ωt ≤ 2pi/3
periodical in pi/3 or 6 f
Table 4.1: Load-dependent idealized bridge quantities
The conduction losses of the silicon bridges Pcond can be calculated using the rms-value Isi and
the average value Isi,avg of the silicon devices, derived from Table 4.1. The forward voltage drop
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Vfwd of the devices is assumed to be constant at a given dc-voltage Vdc(ii). Furthermore, the total
silicon area of each bridge, thus costs, is kept constant. Consequently, the on-state resistance
increases with the number of phases, i.e. Rds,half = Rref, Rds,full = 2Rref and Rds,three = 3Rref.
Summing up over all silicon devices results in silicon conduction losses, which are independent
of the considered bridge:
Pcond =∑
(
RdsI2si+VfwdIsi,avg
)
=
P2 ·pi2
2V 2dc
Rref+2P
Vfwd
Vdc
= const ∀ bridges (4.1)
For the following consideration a constant dc-input current is assumed as worst case consideration,
such that the complete current ripple coming from the resonant tank current is absorbed into the
capacitor(s). The stress on the input capacitor(s) Cdc is qualified by IC, the rms-value of the
capacitor’s current
IC =
P
Vdc
√
x with x=

pi2
4 −1 Half−bridge
pi2
8 −1 for Full−bridge
pi
3
(
pi
6 +
√
3
4
)
−1 Three−phase bridge
, (4.2)
and the charge ripple QC of each capacitor, with t1 and t2 being two consecutive time instances of
zero crossings of the capacitors current
QC =
ˆ t2
t1
iC(t)dt =
P
Vdc ·ω
[
2arcsin
( x
pi
)
+
2pi
x
cos
(
arcsin
( x
pi
))
−pi
]
with x =

1 Half−bridge
2 for Full−bridge
3 Three−phase bridge
. (4.3)
These results from [30] are extended to the voltage ripple of the silicon bridge. Assuming a
constant input current P/Vdc again, the peak-to-peak voltage ripple Vdc,pp of the average dc-input
voltage Vdc yields in:
Vdc,pp =
P
Vdc ·ωCdc ·

4arcsin
( 2
pi
)
+2pi cos
(
arcsin
( 2
pi
))−2pi
2arcsin
( 2
pi
)
+pi cos
(
arcsin
( 2
pi
))−pi
2arcsin
( 3
pi
)
+ 2pi3 cos
(
arcsin
( 3
pi
))−pi for

Half−bridge
Full−bridge
Three−phase bridge
(4.4)
Another interesting quantity to be compared is the installed energy rating of the capacitors WC
at constant voltage ripple Vdc,pp, since it scales with costs in a first-order approximation. The
necessary capacity Cdc is derived from (4.4). The number of series-connected capacitors Ncap,
(ii)Using MOSFETs the forward voltage drop is not an issue. However, equations are also valid for components
showing a voltage drop, e.g. IGBTs
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together charged to Vdc, is needed for the total energy stored capacitively.
WC = Ncap
1
2
Cdc
(
Vdc
Ncap
)2
=
1
2
P ·Vdc
Vdc,pp ·ω

2arcsin
( 2
pi
)
+pi cos
(
arcsin
( 2
pi
))−pi
2arcsin
( 2
pi
)
+pi cos
(
arcsin
( 2
pi
))−pi
2arcsin
( 3
pi
)
+ 2pi3 cos
(
arcsin
( 3
pi
))−pi
for

Half−bridge
Full−bridge
Three−phase bridge
(4.5)
The relations between the device and bridge stresses are indicated in Table 4.2.
rel. losses
∼ I2C ·Ncap
rel. voltage ripple
@Cdc = const
∼Vin,pp
rel. energy rating
@ Vdc,pp = const
∼WC
Half-bridge 2.52 ·2= 6.3 ·2 2 1
Full-bridge 1 1 1
Three-phase
bridge
1/(11.5)2 = 1/133 1/35 1/35
Table 4.2: Relative capacitorCdc stress related to the full-bridge
Some of the indicated numbers are presented in [58]. Here, the set of analytical equations is given
together with additional helpful related numbers for the SRC with a maximum of three phases.
Since current waveforms of the SPRC are similar to the SRC operation, these results serve as
reference values for different calculations and assessments.
The two considered SPRC topologies
A single-phase and a three-phase SPRC are considered for further investigations.
For the single-phase SPRC there is the degree of freedom of using either the half- or the full-
bridge as inverter or rectifier. For the input bridge it is found, that silicon conduction losses are
similar at constant silicon area, compare (4.1). The same applies in a first-order approximation to
the gate-driver losses Pgate≈∑ fQgateVgate≈∑ fV 2gateCgate, since the gate capacityCgate also scales
with the silicon area. Comparing the dc-capacitor’s losses, the full-bridge shows a factor of 12.6
less losses than the half-bridge. However, with the low capacitor’s equivalent series-resistance
losses are not significant and estimated to the mW range.
For the rectifier configuration the on-state losses are equal at constant silicon area. Soft-switching
is mandatory, established by the parallel capacity Cp, compare subsection 4.1.2. With the given
specifications of a high output voltageVdstr = 700V and a transferred power P≤ 190W, the SRC-
approximated half-bridge rectifier capacitor’s losses are Req,Cdc · 0.216A2. For the full-bridge
rectifier the capacitor’s losses are even lower. However, the capacitor’s losses will not contribute
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significantly to the overall losses, since the equivalent series resistance of foil or ceramic capac-
itors are also small. When looking at costs, which scale with the installed energy in a first-order
assumption, the voltage ripple is independent of using either the half- or the full-bridge rectifier,
see Table 4.2.
There is no significant effect on the choice of the single-phase bridges coming from the silicon de-
vices. The full-bridge inverter was chosen together with the half-bridge rectifier for the installation
of the single-phase SPRC for another reason: The full-bridge inverter switches the whole positive
and negative input voltage to the resonant tank and the half-bridge rectifier topology serves as
voltage doubler, such that the transformer’s winding ratio is minimum. This simplifies the con-
struction, which is an important aspect when looking at the application. Generating high output
voltages with a lot of turns also means high insulation effort. The transformer’s secondary wind-
ing does only see half the distribution line voltage when using the voltage doubler. The analyzed
single-phase SPRC is depicted in Figure 4.5.
Cin,1vPV Lh,1
Cp,1
Lpri,s,1Cs,1
Vdstr
Cout,1
r1
ideal
L sec,s,1
’
Cout,1
Figure 4.5: Physical model of the analyzed single-phase SPRC
The three-phase SPRC is fixed to the three-phase bridges. It is pictured in Figure 4.6, with the
explicit option of using a transformer in delta connection. This SPRC converter configuration is
new to the author’s knowledge. However, a three-phase LCC topology was already published [10].
Cin,3vPV
Lh,3 Cp,3
Lpri,s,3Cs,3
r3
ideal
L sec,s,3
’
Vdstr
Cout,3
Figure 4.6: Physical model of the analyzed three-phase SPRC
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4.1.4 Fundamentals on the SPRC operation
Within this thesis the topologies are discussed with symmetric modulation of the inverter bridges.
This means a constant duty cycle of 50% of each inverter leg and a phase shift between the inverter
legs of 180° in case of the single-phase SPRC and of 120° in case of the three-phase SPRC. The
operation frequency, being the control parameter, is variable. Typical single-phase current and
voltage waveforms, with the quantities defined in Figure 4.7, are presented in Figure 4.8.
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Figure 4.7: Setup for measurements
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Figure 4.8: Exemplary single-phase current and voltage waveforms for different operation points
Due to the inherent capacity of the transformer secondary windingCp,trafo and the inherent capac-
ity of the diodesCp,diode, current can only be measured in between. An additional parallel capacity
necessary for the operation is mounted at the diodes and included inCp,diode. The operation of the
series-parallel resonant converter (SPRC) shows the afore mentioned properties, visible in the
waveforms:
• Operation frequency is the parameter to control power flow and input voltage. This aspect
will be discussed in detail in the following sections. Due to the nature of parallel resonance
the frequency range for a full control of the converter is small.
• Soft switching of the MOSFETs using the resonant pole principle is achieved with this
converter bridge, see section 2.3.2. At the switching instant of the input bridge there is
still an inductive current in the resonant tank iin. Turn-off losses are further reduced using
external snubbers.
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• The variable operation frequency is always close to the series resonant frequency ωs =
1/
√
LsCs, resulting in the reduced turn-off currents for all operation points.
• The rms-currents Iin and Iout, leading to on-state losses in practically all components, are
reduced at reduced power levels due to the nature of the series resonance. This property
of showing a minimized apparent power in the resonant tank leads to a high part-load effi-
ciency, especially important concerning the European efficiency.
• The potential of emitting EMI into the distribution line is practically not given due to two
effects. EMI from the input-bridge is decoupled from the rectifier by the galvanic isolation,
showing only a neglectable capacity resulting in minimum cross talk, see also section 2.2.4.
EMI from the rectifier bridge itself is practically not given due to the strongly limited dvoutdt
at the diodes. Figure 4.8 shows the slow commutation of the diodes, reasoned by charging /
dischargingCp, indirectly in vout.
4.2 Operation Frequency
As stated above in section 4.1.4 there is not a constant operation frequency. Frequency as degree
of freedom is varied for the purpose of tracking the MPP, see below. However, the variance in
frequency is small. For the following sections and chapters a target operation frequency range
must be found, where a variety of design steps depend on.
The frequency is chosen for minimum losses in the converter. For that purpose only the different
frequency dependent loss-contributors are estimated and minimum total losses are used to identify
the target frequency. An overview on the different loss contributors is listed. Assumptions have to
be made for several aspects, being motivated and leading to iterative design steps if necessary.
• Pgate: Gate losses at the MOSFET switches are modeled using (2.58) with Qg = 36nC and
Vgs,max = 10V corresponding to the optimized switching cell. Thus, each driver dissipates
360nJ per period. Data of the finally used MOSFET [57], with the mechanisms described
in section 2.3.2, is used for this modeling.
• Pturn−off: MOSFET turn-off losses are modeled for the optimized switching cell correspond-
ing to Figure 2.22, calculating with a turn-off energy of 80nJ. Data of the finally used
MOSFET [57], with the mechanisms described in section 2.3.2, is used for this modeling.
• Pcore: The transformer-inductor device is addressed together with its loss model in chap-
ter 5. At constant local core losses, total losses scale with core volume. Volume reduction
at higher frequencies is reciprocal to the performance factor defined in chapter 5, the most
significant law of growth. Thus, a design is carried out being scaled by the reciprocal per-
formance factor.
Due to the nature of needing a design for this calculation and calculating a target frequency
for a design, there is a chicken-or-the-egg situation. For the full understanding of the subse-
quent information, section 5.1 has to be regarded.
A design is carried out at 250kHz and 80kW/m3 for core geometries in Figure 5.7 (E-core
E(e1/e2/e3 = 32/8/16mm). The performance factor is approximated by drawing a line
through the exemplary points A and B in Figure 5.1 on the logarithmic scale. Thus, a good
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approximation is given in the 100kHz−1MHz range. Core losses are scaled by the recip-
rocal performance factor, with the initial total losses at 250kHz.
• Pcu,dc: This copper-volume related number is scaled by the performance factor analog to the
core losses. For an optimized European efficiency, here a current density is chosen not at
full, but at medium power. 3A/mm2 is used together with a total copper volume of 1244mm3
at 250kHz for the calculation.
• Pcu,ac: The copper related ac losses, i.e. skin- and proximity-losses, can both be minimized
with the measures presented in section 5.1. They are not regarded in this consideration.
• Prectifier: The frequency dependent rectifier switching losses are neglected. On the one hand
SiC schottky diodes are used, showing an excellent switching performance. On the other
hand the switching transition is snubberd by Cp, as can be seen in Figure 4.8 in the limited
dv
dt . Rectifier on-state losses are independent of switching frequency,
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Figure 4.9: Frequency dependent loss contributors and their sum
Figure 4.9 shows a plot of the different frequency dependent loss contributors. It is noted that
switching losses are less compared to gate losses. The choice of the low current density and low
flux density, stressing the transformer-inductor device, is motivated in section 5.1. It can be read
from the sum of frequency dependent losses, that the operation frequency should be chosen around
215kHz for a high efficient design.
⇒ f ∗ = ω
∗
2pi
!= 215kHz (4.6)
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4.3 Design Rules Based on the First Harmonic
Approximation (FHA)
Designing a voltage-source converter for a high efficiency basically means the minimization of
rms-currents. This coherence is emphasized in the beginning, since design rules are derived.
First Harmonic Approximation (FHA) is introduced as a tool to easily study resonant converters.
E.g. the resonant tank currents are calculated for different operating points. Following the work
of Duerbaum [40] [38], who derived design rules using FHA for resonant LLC-type converters,
the theory is extended to LLCC-type SPRC’s, again with design rules derived.
The resonant tank of the single-phase and the three-phase SPRC shows five degrees of freedom,
i.e. Ls, Cs, Lp, Cp and reff. In this section four degrees of freedom are addressed. The series
resonant frequency ωs = 1/
√
LsCs, setting the variable operation frequency range, is derived as
target value in section 4.2 and not considered here. The design rules are independent of the series
resonant frequency.
4.3.1 Minimum currents in the resonant tank: The key to high
efficiency
The sum of component stresses, given by the current through or the voltage across the components,
results in total losses. This can be directly read from the different loss models.
• Semiconductor (MOSFET as well as diode) on-state losses increase with I2rms, see (2.52)
• At given current shape an increased rms-current leads to increased turn-off currents
• Capacitor losses increase with I2rms, see (2.59)
• DC-, skin- and proximity losses of magnetics increase monotonous with Irms, see (5.13)
• Core losses of magnetics increase with flux density and thus, winding voltage, see (5.7)
In the application the inverter as well as the rectifier show a capacitive voltage-source dc-link.
Thus, input and output voltage waveforms of the resonant tank are basically fixed to the voltage
sources. By the choice of the passive components, specifications for given application can be met
with different passives solutions. The converter might be operated at higher or lower apparent
power transferring the same active power. Reactive and distortion power, if not compensated
within the resonant tank, flows back into the dc-link capacitances.
Additional apparent power results in increased component stress. If currents in the resonant tank
are increased, then also the corresponding voltages across the devices shows high values. In a
voltage-source converter, currents must be minimized first. This indirectly also leads to reduced
voltages and thus, to minimum overall component stress.
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Minimum rms-currents are given at rectangular currents. With aligned rectangular voltage pulses
from the voltage-source inverter, there would be only active power, since power is not only trans-
ferred by the fundamental component but also at all harmonics. However, voltage-source topolo-
gies with such current waveforms are not known today. Thus, at the boundary condition of avoid-
ing severe nonlinear loss mechanisms like switching losses, apparent power is minimized.
This coherence is considered as most significant design measure to gain a high efficiency. Op-
timizing losses of silicon-, magnetic- or capacitive devices is important, but of secondary order.
The concrete optimization method is developed for SPRC in the subsequent sections.
4.3.2 Fundamentals of FHA
In Figure 4.10 the single-phase equivalent circuit of the resonant tank is depicted. Both, the three-
phase and the single-phase SPRC are represented.
vin Lp Cp
LsCs
vout
reff
v out
’
vtr
iin ioutip
Figure 4.10: Single-phase equivalent circuit
The newly introduced input and output voltages vin and vout follow the switched ac-voltage wave-
forms in Figures 4.3(b), 4.3(d) (single phase) and 4.4(b) (three phase). The resonant tank elements
from Figures 4.5 and 4.6 are represented in this equivalent circuit. In both cases, the single-phase
equivalent circuit elements are determined by (2.36), (2.37) and (2.38).
The first harmonic approximation (FHA) is introduced in [117] for the first time. It is assumed,
that power is transferred only at the fundamental frequency component. Since voltages and cur-
rents are periodical with the operating frequency, the fundamental frequency component is f = ω2pi .
In case of high quality factors of the LC-oscillators, and in case of an operation frequency close
to the natural frequency of the resonant tank, the resonant tank current iin approximates to purely
sinusoidal waveform. Consequently power transfer is established at the fundamental frequency as
major contributor. In the FHA the power transfer at higher frequency components is neglected.
The significant higher frequency components of the voltage signals are orthogonal to the funda-
mental frequency current signal. Hence, only additional distortion power occurs, which is also not
regarded using FHA.
Under these constraints, the calculation of the transfer characteristic can be carried out by means
of conventional ac analysis techniques [117]. For that purpose, the rms-values of the fundamental
component of the voltages vin and vout are derived by the fundamental-component fourier-series
integral (4.7). For the calculation of the rms-values, the period of the pulsed signal is chosen to
start at 0, such that the integral has only to be solved using the multiplication by sin(ωt +ϕ)
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with ϕ = 0. Since no other rms-values are used, the superscript 1 for the fundamental component
is omitted for a better readability. For the regular modulation scheme of resonant converters of
50% duty cycle and symmetric phase-shift between the inverter legs the results are indicated in
Table 4.3.
Vin/out :=
1 Vin/out =
∣∣∣1V in/out∣∣∣= 1√2 2T
ˆ T
0
vin/out(t) · sin(ωt)dt (4.7)
Input voltage
Vin
Output voltage
Vout
Single-phase
SPRC
2
√
2
pi vPV
∣∣∣
full−bridge
√
2
pi Vdstr
∣∣∣
half−bridge
Three-phase
SPRC
√
2
pi vPV
∣∣∣
three−phasebridge
√
2
pi Vdstr
∣∣∣
three−phasebridge
Table 4.3: Fundamental voltage components for FHA design
In FHA analysis, the currents are consequently also represented by their fundamental component
rms-values Iin :=1 Iin and Iout :=1 Iout. The calculation in classic ac analysis technique motivates to
determine an equivalent ac-resistance corresponding to a given dc-load, as presented in [117]. This
ac-resistance, just like a rectifier, forces the output voltage to be in phase with the output current.
Thus, the output quantities are defined to only show real values (Iout := Iout and Vout :=V out) and
the transferred power is directly given by:
P=VoutIout · x with x=
{
1
3 for
{
Single−phase SPRC
Three−phase SPRC (4.8)
The distribution-line voltageVdstr and thus, output voltageVout is constant for the given application,
see section 3.5.1. Hence, output current rises linear with power. Input current Iin and input voltage
V in can be derived from Figure 4.10, as well as the absolute voltage-to-voltage conversion gain
|Vout/Vin|. For that purpose the series resonant and the parallel resonant frequencies ωs and ωp are
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defined.
ωs = 2pi fs =
1√
LsCs
(4.9)
ωp = 2pi fp =
reff√
LpCp
(4.10)
Iin =
P
x · reffVout + jreffVout
1
ωpLp
(
ω
ωp
− ωp
ω
)
(4.11)
V in = reffVout
[
1+
Ls
Lp
(
1+
(
ωs
ωp
)2
−
(
ωs
ω
)2
−
(
ω
ωp
)2)
+ j
P
x · r2effV 2out
√
Ls
Cs
(
ω
ωs
− ωs
ω
)]
(4.12)∣∣∣∣VoutVin
∣∣∣∣ = 1reff√[
1+ LsLp
(
1+ ω
2
s
ω2p
− ω2sω2 −
ω2
ω2p
)]2
+ P
2
x2·r4effV 4out
Ls
Cs
(
ω
ωs −
ωs
ω
)2 (4.13)
with x =
{
1
3 for
{
Single−phase SPRC
Three−phase SPRC
At an operating frequency ω equal to the series resonance ωs, the dependence on the transferred
power P disappears. In this so called Load Independent Point the voltage gain equals the inverse
effective transformer ratio reff.
The operation frequency, being varied for MPPT purpose, is designed to be around this load
independent point. Thus, the mechanism of gaining a high part load efficiency is significant. At
these frequencies an inductive resonant tank impedance is mandatory for ZVS of the MOSFETs.
Comparing the phase difference between V in and Iin for ω = ωs, (4.12) shows that the input
voltage is in phase with the output voltage (V in = reffVout). Thus, the input current must lag the
output voltage, i.e. the imaginary part of (4.11) must be negative. Consequently, ωs < ωp must
apply. In Figure 4.11 the voltage conversion gain (4.13) is visualized.
Figure 4.11 shows, with all parameters being constant, that the maximum curves apply for zero
transferred power. The magnitude of the voltage conversion gain decreases for all frequencies
with increasing power. The horizontal lines vPV = 20V and vPV = 40V indicate the specified
operation region. The load independent point is clearly visible at the series resonant frequency.
Note that this graph is independent of the series resonant frequency, since all quantities are related
to ωs.
The capability of MPP tracking of the SPRC can be visualized by means of the FHA very de-
scriptively. The common input terminals characteristic P(vPV) of the specified PV-module and the
SPRC, see Figure 3.9, can be determined as proposed for different converter types in [32]. The
resulting characteristic vPV,STC depends on the operation frequency and can be added to the volt-
age conversion gain from Figure 4.11. Figure 4.12 depicts these curves for STC of the exemplary
chosen PV module and a converter design. The design parameters differ for the purpose of a better
readability of the graph. It can be observed, that maximum power can be tracked by variation of
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Figure 4.11: Single-phase SPRC voltage conversion gain
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Figure 4.12: Visualization of MPPT tracking by frequency variation: SPRC voltage conversion
gain and resulting characteristic vPV,STC with PV module connected @ STC, ωs/ωp = 0.25, Ls/Lp =
2, Ls/Cs = 25 µH/µF, reff = 0.05 and Vdstr = 700V
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4.3.3 Resonant tank design
The design of the LLCC-type SPRC resonant tank using FHA is based on the work of Duerbaum,
who proposed design rules for a LLC-type converter. The goal is to determine the five degrees
of freedom, i.e. Ls, Cs, Lp, Cp and reff. The operation frequency ω is varied around ωs, which
is directly linked to this choice of parameters by (4.9), already identified as target value in sec-
tion 4.2.
The design is carried out for a different set of four parameters, i.e. ωs/ωp, Ls/Lp, Ls/Cs and reff. This
set is independent of the series resonant frequency ωs. The basic five degrees of freedom are then
derived by (4.14):
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︸ ︷︷ ︸
new parameter set (1+4) for design
(4.14)
It is noted that a variation of the square root of the new parameter Ls/Cs has the same influence
on the voltage conversion gain as the variation of power, see (4.13) and Figure 4.11. When inter-
preting the series components Cs and Ls and the load as a series resonant circuit, then the quality
factor of this circuit is directly coupled to the transferred power P and to
√
Ls/Cs. The additional
parameter, compared to the work of Duerbaum, is ωs/ωp.
The FHA design procedure is structured in two steps:
• With the major origin of loss, the resonant current Iin, it is first presented that this current
decreases with the increase of Ls/Cs and with the decrease of Ls/Lp. Thus, extreme values for
both parameters are determined such that the converter can operate in the whole specified
region. These values still depend on the choice of ωs/ωp and reff.
• Two major loss contributors are visualized resulting in the derivation of design rules.
In the first step the parameters Ls/Lp and Ls/Cs are determined as a function of ωs/ωp and reff. The
criterion for that function is minimum resonant current Iin at the boundary condition of operation
capability in the full specified operation region. Figure 4.13 shows, for two arbitrary ωs/ωp calcula-
tions both at one specific operation point, that Iin decreases with an increase of Ls/Cs and decreases
with a decrease of Ls/Lp. All corresponding results for the three-phase bridge, like Figure C.1, are
given in the appendix.
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Figure 4.13: Resonant current Iin in A (clamped to 8A) at the operation point P= 167W, vPV =
35V and reff = 0.11 (single-phase SPRC)
This interrelation for the LLCC-type SPRC converter, also being valid for all analyzed operating
points not presented here, was shown for the LLC-type converter before [40]. The results are deter-
mined numerically, since the determination of the operating frequency with (4.13) for calculating
Iin using (4.11) is of 8th order.
The minimum resonant current is given at the border to the non-reachable area. For the under-
standing of this area Figure 4.11 should be considered. In a thought experiment with all parameters
being given as in Figure 4.11 and vPV = 20V, power is increased steadily. By a proper setting of
the operation frequency ω, a power of 120W can be transferred. There is no operation frequency
which could be set to transfer 167W. This effect is indicated by the non-reachable area. Consid-
ering (4.13), varying Ls/Cs has the same influence as varying P2, thus there exists a maximum of
Ls/Cs. Consequently, a high-efficiency design yields in a design to the border of the non-reachable
area.
For each specific combination of ωs/ωp and reff first the design of minimum Ls/Lp is carried out
followed by the maximization of Ls/Cs. The order of design is motivated by (4.13), where in case
of P= 0W a minimum Ls/Lp determines whether the converter could operate at the specified point
of vPV = 40V at zero power or not. Looking at Figure 4.11, this design means that P = 0W
characteristic always crosses the horizontal vPV = 40V line. In the second step the dependency
on transferred power is regarded for the design of Ls/Cs. The parameter is maximized as far as
possible such that the critical operation points, i.e. highest power at different input voltages from
specifications in section 3.5.2, are just to the border of the non-reachable area. More details on the
implementation are given in the appendix C.1. The parameters Ls/Lp and Ls/Cs are now determined
as a function of ωs/ωp and reff.
In the second step two different stress quantities are visualized, both representing major loss con-
tributors.
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• Iin representing the major origin of losses as stated in section 4.3.1. (Iout is not considered
since it is fixed in FHA with the output voltage to the chosen power.
• Vtr as a quantity growing monotonous with the primary side transformer core losses.
These stress quantities are calculated with reff and ωs/ωp as parameters and the specific optimum
parameters Ls/Cs and Ls/Lp. Figure 4.14, and Figure C.2 for the three-phase converter respectively,
are given for the operation point of standard test conditions (STC). The results of other operation
points not presented, are equivalent in the fundamental conclusion.
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Figure 4.14: Stress quantities as a function of ωsωp and reff at P= 167W, vPV = 35V (single-phase
SPRC)
It can be observed, that there is no major dependence of Iin and Vtr on the parameter ωs/ωp, but reff
must be chosen carefully.
A contrary effect is given with the transformer’s input voltage. Depending on the design, the
series resonant components, when being interpreted as oscillating circuit at constant transferred
power, can show a high quality factor (∼√Ls/Cs). At high quality factors Vtr builds up to very
large values, resulting in increased core losses of the transformer’s primary side. This effect is
severe for a small reff and a large ωs/ωp.
Design procedure
As mentioned before, FHA is an approximation and might not show results being accurate enough
for a precise design of the converter. However, it is assumed that the different mechanisms of
minimizing device stresses, as found using the FHA, are also true for an exact converter design.
Thus, as a design rule the consecutive steps are visualized again in Figure 4.15. The fifth design
parameter is given with operation frequency, see section 4.2, coupled to the values of the real
components by (4.14).
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Figure 4.15: Consecutive design steps of the resonant-tank parameters using FHA
4.3.4 Design constraint
In Figure 4.16 and Figure C.3 a constraint on the series resonant and thus, the operation frequency,
is visualized. The FHA-based design of the parallel capacity is presented. It has to be recognized,
that there are minimum capacities given by the rectifier diodes and by the transformer’s secondary
winding capacity. E.g. with a given rectifier capacitance of ∼ 70pF (5A SiC diode [24]), low
values of ωs/ωp cannot be realized. This is a boundary condition for a demonstrator using today’s
available components. Building a MHz SPRC for the given application would not be possible
at optimized current waveforms, since Cp would be too large. From the FHA design it could
be estimated, that at a 250kHz three-phase design the converter might operate without separate
external parallel capacitor. Here total capacity due to more diodes is increased and less current due
to shared currents between the phases is given for the charging and discharging of the capacitances.
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Figure 4.16: FHA design of Cp visualizing the limits of operation frequency due to parasitic
capacitances (single-phase SPRC)
4.4 Applying the FHA Design Method Using Numerical
SPRC Optimization
4.4.1 Necessity of a numerical optimization
As the name indicates, FHA is only an approximation. For an exact design, a complete analytic
calculation would offer maximum accuracy and a fast design. Concerning the converter behavioral
model, FHA is introduced as an analytical model. In literature resonant converters are also mod-
eled using the exact State-Plane Analysis (SPA), an exact full analytical approach, or the extended
First Harmonic Approximation (eFHA).
In the SPA a piecewise linear set of differential equations is the basis for describing the resonant
converter behavior [89]. Two states, being a normalized inductor current and a capacitor voltage
in the resonant tank, are plotted in a state plane. The point of operation follows segments of circles
being determined by the converter’s transferred power and input and output voltage. A geometric
analysis of the resulting trajectory substitutes the differential equations analysis [89] [21]. When
applying this method to four element LLCC SPRC converters, the four states are decoupled, nor-
malized and can be represented in two state planes. A SPA for a LLCC-SPRC with current-source
output is presented for a continuous conduction mode of the rectifier [7]. The same converter
-described with an exact analysis- is presented together with design rules in [20]. There is still
one equation left to be solved numerically. However, with a voltage-source output in the given
SPRC, there is always discontinuous conduction mode at the rectifier, compare Figure 4.8. This
fact significantly complicates the analysis, compared with its current-source output counterpart
[2]. In the analysis, mainly based on exact equations, there is also the approximation of a sinu-
soidal current in the series resonance [3]. Another aspect not found in literature has to be regarded,
compare Figure 4.8. Depending on the operation point, there is not only one piecewise linear set
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of differential equations, there are several: These sets cannot be solved analytically by now to
the best of the author’s knowledge. Figure 4.8 shows that the switching instances of diodes and
MOSFETs move with regard to each other and overrun each other, yielding in different linear sets
of differential equations.
The eFHA differs from the FHA by an exact modeling of the rectifier discontinuous conduction
mode operation. It is assumed, that the ac-current into the parallel connection of Cp and rectifier
is purely sinusoidal [17].
Figure 4.17 depicts a comparison between different converter models. The exact solution is
achieved using a circuit simulator.
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Figure 4.17: Comparison of FHA, eFHA and simulation @ fs = 200kHz, reff = 0.12, ωsωp = 0.167,
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= 1,LsCs = 36
µH/µF
In case of low load operation, the eFHA describes the behavior much better than the FHA. In case
of nominal load of 167W, it depends on the concrete design which approximation is closer to
the simulation. In the figured design FHA shows lower errors. This effect is reported in [17] as
being dependent on the ratio of
√
Ls/Cs and on load. Since there are still significant errors in both
approximations and since there is no exact analytical model to the best of the author’s knowledge,
the design process is based on exact simulations. Since Figure 4.17 shows, when using an exact
simulation the different parameters could be chosen more precisely, that there is a potential to be
tapped to even further reduce the currents in the resonant tank.
4.4.2 Numerical optimization: procedure and results
The FHA design procedure from Figure 4.15 is extended to the procedure supported by numerical
tools depicted in Figure 4.18.
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Figure 4.18: Consecutive design steps of the resonant-tank parameters using the numerical tools
The design is again carried out for a different pairs of ωs/ωp and reff for a subsequent comparison.
Since the results, i.e. efficiency or rms-currents, for different pairs is a continuous function of
ωs/ωp and reff, not all pairs have to be simulated. The numeric determination of the parameters Ls/Lp
and Ls/Cs is carried out analog to section 4.3.3. An operation frequency sweep is used to figure
out whether the specified operation points are met or not for the tested parameters. The sweep
is explicitly slow for the purpose of considering steady state conditions. With the parameters
found, the component stresses, i.e. current and voltage waveforms are simulated in steady state
e.g for the operation points for calculating european efficiency. Using the detailed loss models
from sections 2.3 and 5.1.2, the efficiencies are calculated. The rms-currents are indicated as
weighted rms-currents for each design corresponding to the weighting of efficiencies for European
efficiency, compare (2.4).
The simulation suffers for one fact, i.e. only one geometry was chosen to simulate the transformer-
inductor device losses. E.g. raising the series inductance basically increases the energy to be
stored in the device, leading to increased magnetic field densities and thus, proximity losses.
Consequently, the results expressed in the rms-currents, here weighted for European efficiency
have the higher significance, see also section 4.3.1. The simulation results are given in Tables 4.4
and C.1.
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ωs/ωp
0.3 LsLp = 2.3
Ls
Lp
= 1.4 LsLp = 1.1
Ls
Lp
= 1.3 not simulated not simulated
Ls
Cs
= 160H/F LsCs = 105
H/F LsCs = 105
H/F LsCs = 150
H/F
Iin = 4.9A Iin = 4.6A Iin = 4.8A Iin = 5.1A
η = 0.958 η = 0.962 η = 0.955 η = 0.948
0.5 not simulated LsLp = 2
Ls
Lp
= 1.2 LsLp = 1
Ls
Lp
= 0.7 LsLp = 0.7
Ls
Cs
= 110H/F LsCs = 80
H/F LsCs = 75
H/F LsCs = 65
H/F LsCs = 75
H/F
Iin = 4.6A Iin = 4.5A Iin = 4.5A Iin = 4.3A Iin = 4.3A
η = 0.962 η = 0.966 η = 0.966 η = 0.966 η = 0.964
0.7 not simulated LsLp = 4.7
Ls
Lp
= 2.3 LsLp = 1.5
Ls
Lp
= 1 LsLp = 0.6
Ls
Cs
= 215H/F LsCs = 120
H/F LsCs = 85
H/F LsCs = 65
H/F LsCs = 65
H/F
Iin = 4.6A Iin = 4.4A Iin = 4.3A Iin = 4.3A Iin = 4.3A
η = 0.952 η = 0.962 η = 0.964 η = 0.964 η = 0.963
reff 0.085 0.105 0.125 0.135 0.145 0.155
Table 4.4: Results of the numerical optimization procedure for the single-phase converter
The most efficient point in terms of European efficiency is given for the single-phase bridge with
reff = 0.135 and ωs/ωp = 0.5 for the single-phase converter and reff = 0.07 and ωs/ωp = 0.7 for the
three-phase converter. The following items are observed in the simulation with exemplary extreme
cases of current and voltage waveforms in Figure 4.19.
• The lower left corners of the tables are not simulated since the parameter Ls/Lp grows to
large values, as expected from FHA. A construction of such high ratios leads to very high
stray coefficients of the transformer-inductor device, resulting more energy to be stored in
the series inductance, leading to higher magnetic fields and thus, losses.
• Simulations of parameter pairs in the upper right corner leads to oscillations of the parallel
resonant circuit consisting of Lp and Cp. Increased currents in the parallel components
do not necessarily lead to reduced currents in the indicated number Iin, but in the overall
efficiency.
– At low values of ωs/ωp the parallel resonance frequency is a multiple of the opera-
tion frequency, being excited during the commutation of the rectifier, see also Fig-
ure 4.19(a).
– At high values of reff the converter has to show a higher boost functionality. Due to the
virtually high output voltage the commutation time of the rectifier is increased to larger
values. The parallel resonance (not necessarily of much higher frequency) becomes
visible as depicted in Figure 4.19(b). Furthermore spikes in the currents increase.
The simulated proximity effect in the transformer-inductor device is the reason for the
increased losses.
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• For low values of reff the converter mainly operated as buck converter. The apparent power
and the input current Iin increase in this region dramatically, as expected from FHA, see also
Figures 4.14 and C.2.
• Efficiency basically correlates with rms-current, as expected from section 4.3.1. This is
observed very well for the three-phase converter, see Table C.1. In case of the single-
phase converter this correlation does not apply for high reff values, since then the parallel
resonance tends to oscillate, leading to losses, not visible in Iin.
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Figure 4.19: Exemplary simulation results of extreme single-phase SPRC designs visualizing
problems to be avoided (quantities corresponding to Figure 4.10)
From the simulations the following target quantities summarized in Table 4.5 are found. Together
with the target frequency of f = 250kHz, see section 4.2, the concrete parameters can be derived
using (4.14). However, since it is more important for a minimum rms-current to meet the related
quantities rather than the concrete parameters, the concrete parameters are not indicated. Meeting
the related parameters but deviating from the parameters themselves leads to a change in operation
frequency at constant waveforms. The drawback of a small shift in frequency can be neglected
compared to non-optimum currents.
Ls
Lp
Ls
Cs
ωs
ωp reff
single-phase converter 1 77µH/µF 0.5 0.13
three-phase converter 0.19 4µH/µF 0.7 0.07
Table 4.5: Target quantities for the implementation of the resonant-tank parameters
A significant difference in the parameters between single-phase and three-phase converter is ob-
served. In contrast to the single-phase case described in deeper detail above, the three-phase
converter shows harmonic content in the simulated and measured waveforms, reasons given in
section 6.2. Following the design rules of FHA using simulations still leads to minimum losses,
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but due to the character of the three-phase waveforms, also the optimum design parameters are
influenced. Thus, differences between single-phase and three-phase parameters are consequently
given.
4.5 Summary
With the specifications given for the DC-DC converter performing MPPT, a systematic argumen-
tation yields in the use of a LLCC-type series-parallel resonant converter (SPRC). Different varia-
tions of the SPRC, i.e. the number (1..3) of half-bridges, are discussed. Novel analytical expres-
sions for device stresses are found on the basis of a series-resonant approximation. For further
investigations, both one single-phase SPRC and one three-phase SPRC topology are identified.
Operation frequency is determined as design target value from a priori estimation of the frequency
dependent losses. It is emphasized for the application, that typically rms-currents in voltage-
source converters must be minimized to minimize component stresses. This minimization of
apparent power in the resonant tank shows a major effect in looking at high converter efficiency.
The design of both single- and three-phase converters means the determination of five degrees
of freedom, i.e. the resonant tank elements, which are directly linked to the (variable) operation
frequency. With the analysis of the converter based on the First Harmonic Approximation (FHA),
design rules are derived for four degrees of freedom, the fifth degree, i.e. operation frequency,
as already discussed. The analysis is mainly based on the work of Duerbaum [40] [38]. It is
extended from the design of LLC-type converters to LLCC-type SPRC’s and it is adapted to the
special input characteristics of PV applications. The most important aspect is that the design
should first be carried out for extreme relations of the parameters to be derived, limited by the
specifications of the converter. Thus, minimum currents are achieved.
The concrete design of the different parameters determining the resonances is carried out numeri-
cally, since it is proven with some exemplary exact simulations that FHA, being an approximation
as its name says, is not sufficient, and that there is more potential to be tapped for further reduced
rms-currents. The numerical optimization itself is based on the derived method, achieving a low
number of simulations and thus, a fast design.
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5 Design of the Transformer-Inductor device
The central component in the resonant tank of the DC-DC converter is the transformer-inductor
device. This chapter is on the realization of the device-related quantities. Additional capacitances
for the resonant tank, see also sections 2.2.4 and 2.3.3, must be added if applicable.
From the previous chapter it is motivated that the exact design of the transformer-inductor para-
meters Ls/Lp and reff is of major importance. This allows to utilize the most significant effect for a
high efficiency, i.e. operating the whole converter with optimized current and voltage waveforms.
Besides the realization of the mentioned parameters, furthermore the different loss mechanisms
of the transformer-inductor device are analyzed and design rules are derived.
This chapter starts with fundamental aspects on the design and on the operation of soft magnetic
materials, leading to an important design rule concerning limited flux density significantly below
the saturation. From the consecutively presented loss models for windings and core, further design
constraints are found. Different materials for the potential use in the device as flux conducting
high-µ and energy storing low- and medium-µ material are presented. Transformer geometries
are found regarding the fundamental design aspects e.g. for a flat copper window minimizing
proximity losses. A design method is derived, where it is first shown that the ratio Ls/Lp is basically
only a function of geometry and material properties, and no function of the number of turns.
Furthermore it is shown that reff can be designed independently as a last step. For the proper
design of the ratio Ls/Lp the three-step approach of reluctance model, finite element simulation and
experimental adjustment are presented each with its necessity concerning an accelerated design.
5.1 Loss Modeling and Materials - Derivation of Design
Goals
5.1.1 Operation of soft magnetic material
Soft magnetic materials can be classified by their performance factor PF , i.e. the product of
operation frequency and maximum flux density Bp at constant temperature and constant local core
losses pcore, e.g. 500kW/m3 = 500mW/cm3.
PF = f ·Bp (5.1)
A good design of ferrite cores should show a loss density of a couple of 100kW/m3 [83]. Figure 5.1
shows the performance factor for different ferrite materials depending on operation frequency.
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Figure 5.1: Performance factor different ferrite materials [45]
An important correspondence can be read from this figure: Different converter designs with dif-
ferent operation frequencies are compared for power density. For each single design different
materials are chosen such that the maximum PF applies. For an analysis exemplary operation
points are regarded in Table 5.1.
f in MHz Material PF in HzT Bp in mT
A 0.1 3C96 30000 300
B 1 3F45 60000 60
C 6 4F1 80000 13
Table 5.1: Exemplary designs for three operation frequencies
Assuming only sinusoidal quantities, with a given constant peak voltage v(t) = vpsin(2pi f · t) for
a certain application, the fundamental equation (2.8) degenerates to:
vp = N ·Acore ·2pi · f ·Bp (5.2)
vp ∼ Acore ·PF (5.3)
Acore ∼ 1PF (5.4)
From that correspondence it can be read that the core cross section, and thus, volume decreases
linearly with the performance factor. Since the volume decreases at constant local core losses, the
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total core losses decrease linearly with PF as well. Table 5.2 summarized the benefits.
A→ B B→ C
increase of frequency 10 6
increase of PF 2 4/3
decrease of volume 1/2 3/4
decrease of losses 1/2 3/4
Table 5.2: Related quantities between operation points at constant power loss densities
For the chosen operation points the frequency increase of a factor of 10 or 6 respectively only
leads to a geometry and volume reduction of a factor of 0.5 or 0.75 respectively. However, due to
constant local losses and reduced volume in case of higher frequencies, the total losses for high
frequency components are reduced. However, it has to be stated from these considerations, that
the volume Vvol,core of magnetic components does not scale linearly with frequency.
⇒Vvol,core 6= kconst · f−1 (5.5)
For moderate losses in the magnetic devices the peak flux density Bp must be reduced significantly
at elevated frequencies, as also indicated in Table 5.1. The design of peak flux density significantly
below the saturation flux density is also applied in applications using other magnetic materials.
5.1.2 Modeling core and winding losses
Core losses
In section 2.2.1 losses of soft magnetic materials are already described by a complex permeability,
which can be expressed in the magnetic loss factor tanδ . For example, an inductor L0 shows a
material dependent impedance, also when neglecting copper losses. It can be described together
with the definition for the loss factor by (5.6).
Z = jωL= jωL0(µ ′r− jµ ′′r ) = jωµ ′rL0︸ ︷︷ ︸
=X
+ωµ ′′r L0︸ ︷︷ ︸
=R
with L0 = N2
µ0A
l
(5.6)
tanδ =
R
X
=
µ ′′r
µ ′r
pcore = ωµ0µ ′′r H
2
rms
The test of measuring an inductive-resistive impedance shows the disadvantage of being influ-
enced significantly by the copper resistance. Thus, only the initial permeability, i.e. permeability
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at theoretically zero induction [15], could be measured. This experiment is still an important tool
to identify cut-off frequencies, especially important for cores consisting of a stack of metal tapes
showing characteristic frequencies.
Within technical soft magnetic materials, field strength is very low and permeability is high, re-
sulting in a flux density being much easier to determine directly. With the fact that in technical
soft magnetic materials losses, and thus tanδ , significantly depend on peak-to-peak flux density,
operation frequency and temperature, a different description of losses catched on. In data sheets
mostly volume- or weight-specific local losses pcore are indicated as a function of peak flux density
with frequency as a parameter at a given temperature. Figure 5.2 shows the measured characteris-
tics for a certain core including information beyond the contents of the datasheet. Total losses are
determined by the integral over core volume.
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Figure 5.2: Measured losses pcore of [44] @ T=100°C (ferrite core: 3C96, E22/6/16)
The characterizations for material data sheets are carried out using standardized ring core shapes
and a well known measurement technique, i.e. applying a sinusoidal current into a primary wind-
ing and measuring its current together with the voltage of a secondary winding. Core losses can
be calculated directly without any measurement-dependent error [16], [98]. Core excitation and
frequency can be set by the input current. This method was applied for different materials as doc-
umented in [29]. For different core shapes, where flux density is not necessarily homogeneous,
data will deviate. Thus, for specific cores, losses are indicated in the core data sheets as well,
compare Figure 5.2.
The mechanism of designing flux density from section 5.1.1 is addressed again in a thought exper-
iment: In contrast to (5.5), proportionality between peak flux density and f−1 is assumed. In Fig-
ure 5.2 the frequency could be doubled at 100mT from 100kHz to 200kHz. Loss density increases
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from 70kW/m3 to 200kW/m3. That measure would increase the total losses by 200/(2·70) = 42%,
since the volume reduction by a factor of 2 does not compensate the increased losses.
Modeling core losses has a long history. A distinct review of the development of models together
with the presentation of the physical origin of losses is presented in [82]. The major contributions
from Steinmetz, Brockmeyer and Venkatachalam yield in the latest and most accurate model, the
improved generalized Steinmetz equation (IGSE) [118] [16] [123]
pcore = ki
1
T
(
Bpp
)β−α ˆ T
0
∣∣∣∣dBdt
∣∣∣∣α dt (5.7)
ki =
kc
(2pi)α−1
´ 2pi
0 |cosθ |2β−αdθ
, (5.8)
with α , β and kc being the Steinmetz parameters. These parameters are derived from the measured
loss characteristics. It can be seen that besides the peak-to-peak flux density Bpp also the slope of
flux density has a significant influence on losses. For example it can be directly calculated from
this model, that for a constant peak flux density and constant period duration losses of a triangular
flux are less compared to a sinusoidal shape. This basically is an argument against resonant
converters or three-phase converters, since triangular flux waveforms (rectangular waveform for
pulsed voltage respectively) is only given in single-phase non-resonant converters. However, in
the overall optimization this is a minor effect, other loss mechanisms are more significant. Thus,
a resonant or multiphase converter is reasonable.
Winding losses - targets for an optimized design
This loss mechanism is very well understood and described with DC, skin and proximity losses.
The theory behind is mainly developed in [16], with the major fundamental contributions in [33],
[37]. The loss model is expressed with much more geometric details in [104], being also used for
this thesis. An illustrative and descriptive overview on the detailed loss mechanisms is given in
[18].
A copper window corresponding to Figure 5.3 is assumed with homogeneous field distribution,
where the total copper cross section is filled with high-frequency litz wire. In x-direction the
effective copper width w is smaller than the window width wslot due to a limited copper fill factor.
The copper fill factor in y-direction does not influence the model. Since each litz wire conducts
the same instantaneous current integrated over the litz cross section (current distribution within
the litz wires differ), litz wires are grouped to band conductors again, where each band conductor
is exposed to the same field distribution. The total copper height htot is directly related to the
number of equivalent band conductors n with the height h.
Due to zero magnetic field along the surface of the soft magnetic core and due to the fourth
Maxwell’s equation (2.10), there is only a field component in x-direction, i.e. Hx(y). The upper
band conductors are exposed to a higher field. With the assumption above, i.e. a field strength
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Figure 5.3: Definition of geometric quantities for loss characterization of windings
being independent of the x-direction, the loss model is given by the following set of equations:
δ =
1√
pi fµσ
, i.e. skin depth (5.9)
xf =
h
δ
·
√
w
wslot
(5.10)
φdc+skin(xf) = xf
sinh(2xf)+ sin(2xf)
cosh(2xf)− cos(2xf) (5.11)
ψprox(xf) = 2xf
sinh(xf)− sin(xf)
cosh(xf)+ cos(xf)
(5.12)
Pcu,ac(xf) = Pcu,dc ·
[
φdc+skin(xf)+
n2−1
3
ψprox(xf)
]
(5.13)
With the frequency dependent quantity xf, loss modeling is separately carried out for all current
harmonics. The functions φdc+skin(xf) and ψprox(xf) are strictly monotonic increasing with xf
for small and relevant values of xf below 5. For a certain litz diameter and a certain operation
frequency the functions φdc+skin and ψprox are constant. Looking at an optimized geometric design
of the copper window, the following steps are carried out.
Overall winding losses are directly proportional to the dc-losses, see(5.13). The latter are directly
proportional to the squared rms-current, thus minimizing apparent power in the converter is also
important concerning proximity losses. For a further loss optimization DC-losses are minimized
by setting the maximum current density to Jmax = 5A/mm2. The skin effect does not lead to signifi-
cant losses, since 0.1mm litz-wire was used in the range of 250kHz. This corresponds to xf ≈ 0.5
for the fundamental component. More attention must be payed to the proximity effect. Basically
there is the option to construct the magnetic components in different core shapes as indicated in
Figure 5.4.
In the example the coil has four turns consisting of e.g. 100 litz wires each. Inside a technical
winding the position of the litz wires is circulated. Thus, the above mentioned assumption is
reasonable, i.e. the instantaneous current integrated over the litz cross section is equal for the
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Figure 5.4: Different constructions of copper window
different litz wires in the copper window. Assuming a quadratic shape of each turn with 10 · 10
litz wires, then the designs (a), (b) and (c) can be described with n= 40, 20 or 10 equivalent band
conductors. With the functions φdc+skin and ψprox being independent and constant for this design
step of choosing an optimum copper window shape, the effect on the losses is visible in the factor
n2−1
3 of (5.13), weighting the proximity losses. The proximity losses in the designs (a), (b) and (c)
are weighted with 533, 133 and 33 respectively.
Choosing a flat design basically reduces proximity losses. However, solution c) needs more soft
magnetic material compared to solution (b). For the purpose of a flat design of the final con-
verter(i), i.e. solutions (a) and (c), the magnetic devices are designed with solution (c). Since
in the final prototype the number of turns and the number of litz wires in a turn is even higher,
this geometric aspect ratio is of major importance. A challenge in designing (c) is establishing
a homogeneous field distribution along the upper edge of the turns. A completely homogeneous
field results in lowest losses, which is the design goal in the subsequent steps. However, the wider
the upper opening of the core geometry wslot, a field strength being independent of the x-direction
is harder to achieve. Different geometry approaches will be proposed to come up with this prob-
lem.
However, for the three-phase transformers this model is basically not applicable, since in one
single copper window currents with different time functions are conducted. This does not comply
with the prerequisite of Brockmeyer’s model. To the author’s knowledge there is no modeling
work done for this phenomena. Since modeling winding losses is out of the scope of this thesis
Brockmeyer’s model was applied. Thus, in case of a three-phase transformer losses are modeled
as a worst case scenario.
5.1.3 Soft magnetic materials
For the given application the transformer should show explicitly a large stray inductance as well
as a limited main inductance (Ls/Lp given as design target). Thus, the magnetic device should store
energy both in the leakage as well as in the main magnetic path. At the same time an external
(i)A flat converter design for local MPPT is motivated in the fundamentals of local MPPT in subsection 2.1.3 as well
as specified in subsection 3.5.2
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fringing field should be minimized as far as possible, not disturbing other circuit elements. For
achieving both goals, two basically different materials are considered, i.e. high-µ materials as well
as low- or medium-µ materials. The high-µ material should encapsulate the whole structure as
far as possible. Due to the zero magnetic field along the surface of high-µ materials, the external
leakage field is minimized. Storing energy for the limited main inductance or the large leakage
inductance can basically be done in air. For an increase of energy density these spaces could
also be filled with low- or medium-µ material, also leading to low-reluctance flux paths. With
the corresponding µlow−medium = µ0µr,low−medium the energy density can be designed for isotropic
materials by
Wstored =
1
2
˚
Vvol
H ·BdVvol = 12µlow−medium
˚
Vvol
H2 dVvol . (5.14)
A substantial survey on soft magnetic materials is presented in [15]. The relevant materials for an
operation frequency above 100kHz are briefly introduced below.
High-µ materials
In the operation frequencies of a couple of 100kHz ferrite and amorphous metals containing cobalt
have to be considered. Amorphous metal is superior to ferrite at lower frequencies and high induc-
tion levels. However, low-loss high-frequency amorphous metals are capable to operate at about
twice the induction (550mT) with respect to ferrite material, reducing also overall volume and
thus losses. When being fixed to a frequency of about 100kHz, a higher power density could be
achieved using amorphous metal. In terms of losses ferrite materials are superior to amorphous
metal at high frequencies and low induction levels. This applies here with operation points of
250kHz and 100mT. More details can be found in [29]. Besides the above mentioned decision
criterion resulting in the use of ferrite material it is also qualified how the anisotropic behavior of
amorphous metals, coming from the tempering in the production steps, leads to reduced perfor-
mance when operating perpendicular to the preferential metal tape direction. However, this would
become necessary in transformers with both limited main and large leakage inductance.
Consequently at an operation frequency of 250kHz the ferrite material 3C96 is chosen, showing
the best performance factor, see Figure 5.1. Ferrite materials are ceramic materials consisting of
iron oxide hematite (Fe2O3) or magnetite (Fe3O4), in combination with additional metal oxides.
Ferrite materials belong to the ferrimagnetic materials. The macroscopic behavior is similar to
the behavior of ferromagnetic materials. An external magnetic field aligns the internal magnetic
dipole moments. Increasing the temperature level beyond the Curie-Temperature Tc, the mate-
rial looses its ferrimagnetic properties and shows paramagnetic behavior. Ferrite materials are
isotropic, are relatively easy to produce for different shapes (production is carried out by pressing
ferrite powder to different shapes) and ferrite materials do only show an insignificant electrical
conductivity, being important concerning eddy currents.
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Low- and medium-µ materials
FPC-materials (f errite polymer composite, FPC) basically consist of an elastic polymer resin,
where soft magnetic particles are integrated. Such sheets can be used for designing a magnetic
layer in a printed circuit board (PCB), since this material brings a lot of the prerequisites of being
compatible to the PCB technology [125]. FPC-material as a low-µ material shows a low relative
permeability µr in the range from 5 to 17, with stable magnetic properties. It is easy to process,
the sheets can be cut in all arbitrary forms.
Basically FPC-material is not designed to built magnetic circuits, but for shielding of magnetic
fields. First experiments for the purpose of PCB integration were carried with a separately de-
signed FPC material, i.e. MagLam [66] [125]. A documentation of the different FPC materials
concerning losses is not given. Thus, characterizations in the lab were planned, as done before
for ferrite, see Figure 5.2, with an adapted setup described in section 5.1.2 from [16], [98]. The
test with a ring core out of FPC material would not work, since at the given low µr it cannot be
assumed that the flux is conducted by the material. Thus, a known magnetic circuit mainly con-
sisting out of ferrite is chosen, where flux is forced directly through a FPC-material probe. This
probe must be small to be sure that the flux is conducted through it. A second measurement with-
out FPC material becomes necessary for the calibration of the setup. However, this experiment
did not lead to a reasonable results using the power analyzer PZ4000 from Yokogawa due to the
accuracy of the measurement. The total losses of the small FPC probe are small and are not visible
in the measurement noise. Since there is no further information on the loss characteristics, it is
decided to built a prototype using FPC-material. Total converter losses can then be compared.
Two concrete FPC-material sheets are analyzed:
• MAB-03 from KE KITAGAWA µr,MAB−03 = 12 [63].
• C350 from EPCOS. µr,C350 = 9 [43].
Metal-Powder Composites consist of fine powder of iron (FE) or a nickel-iron alloy, which is
pressed together with an excipient. This processing step enables all different shapes of magnetic
cores, especially also the ring core which then shows a distributed airgap, being very advantageous
when considering proximity losses. The material shows high electric resistivity such that eddy
currents in the material are minimized. Thus, this material is suited for high frequency applications
[15]. The permeability of this linear and isotropic material can be designed by the choice of the
magnetic particles and by their density in the excipient. Different materials are mainly available
as toroidal cores for inductances with distributed air gaps, i.e. MPP, Sendust, Kool Mu®, High
Flux, iron powder or Somaloy® of Höganäs.
MPP-materials (moly permalloy powder, MPP) belong to one class of powder composites, where
iron, nickel and molybdenum powders are used. Relative permeabilities can be realized in a wide
range µr,MPP = 14..300. Saturation occurs at flux densities of about 700mT, Curie-Temperature
Tc is above 460°C [46]. The performance factor of the material is higher compared to the other
metal-powder composites, but it is less compared to ferrite (PFMPP = 5000..8000HzT @100kHz
for µr = 300..14 [46]). However, the material is basically very well suited for the application.
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A maximum converter height of 3cm is specified. Thus, the height of the transformer is sup-
posed to show a reduced height. A variety of different approaches for a flat design of magnetic
components is already available.
The construction of low-profile magnetics is systematically presented in [11]. Starting from a
cubical transformer the different directions x, y and z are compressed to low profile transformers.
Due to the boundary condition of low external stray fields only the solutions with an inner, perpen-
dicular leakage path are considered. The z-compressed version of the different variant basically
suits best for the given application, since the ratio of mean length of the magnetic path to the mean
turn length is low compared to the other compression types. Thus, in the voltage source converter
core losses basically stay at a low level whereas copper losses increase with power, leading to an
increased part load efficiency. Different ways to implement leakage inductances are presented.
Another example of integrating a large leakage inductance in a high frequency transformer in
presented in [128]. Small ferrite plates are integrated into the leakage paths for that purpose.
However, in both publications the coupling between primary and secondary side, thus also main
inductance, is high, different as necessary for the given application. In contrast, one solution with
reduced main inductance is considered critically in terms of loss problems [11]. A comparison
between PCB printed and HF-litz wire used for the windings, showing higher efficiency using litz
wire[128].
For the purpose of increasing the leakage inductance two variants are compared, i.e. using a low-
µ material and using small ferrite sticks, resulting in smaller leakage-path reluctances. The latter
also leads to additional airgaps, being critical in terms of proximity losses. Both approaches are
verified in the designs. Ultra-flat transformers can be constructed using the emPIC technology
(embedded Passives Integrated Circuit, emPIC), first introduced by [125]. The demonstrated
efficiencies are not sufficient for PV-converters by now due to limitations in the applied novel
materials. Experiments with such materials approve this circumstance, see section 7.1.1 below.
The technology itself is very promising.
As described above, the outer magnetic core should mainly consist of a high-µ material to min-
imize external stray fields. The integration of the inductances might be carried out with low- or
medium-µ materials. Basically for achieving a low-profile design low-profile ferrite E-cores are
applied as outer transformer core. The subsequent geometries are proposed:
Single-phase transformer geometries
Figure 5.5 shows the dimensioning of the proposed geometry A, consisting out of two planar E-
cores and additional low- or medium-µ material in between. The paths for main and leakage flux
are illustrated in Figure 5.6.
As the figures show, using the low- or medium-µ material, the main flux has a significant reluc-
tance in the vertical path, resulting in limited main inductance. The leakage path is implemented
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Figure 5.6: Flux components in geometry A
by the same layer of material. For the design of the ratio of Ls, mainly determined by the leak-
age path, and Lp, mainly determined by the main path, the parameters µr and d of the low- or
medium-µ material can be used. An alternative geometry using only high-µ material is proposed
with geometry B, see Figure 5.7.
Small quadratic ferrite sticks of length e3 are inserted between the E-cores to set up discrete
airgaps. Both leakage and main path correspond to Figure 5.6. Here the influence on the different
reluctances is achieved by adapting the geometrical quantities g, d1 and d2. In this design the
magnetic field for storing the energy of the integrated inductances is concentrated in the airgaps.
Especially in this design, since there is no homogeneous field at the windings close to the airgaps,
attention has to be paid to the proximity effect. Thus, in the construction some distance is left
between the ferrite sticks and the windings.
Three-phase transformer geometries
The three phase geometry is presented in Figure 5.8.
Again, standard low profile E-cores are used for the construction. Since the main flux in symmetric
three-phase systems sums up to zero, there is no main flux in the vertical core components being
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Figure 5.8: Dimensioning of geometry C, depth e3
located on the left and on the right. For providing a homogeneous core cross section for the main
flux additional ferrite plates are placed on the top and on the bottom. The core components on
the left and on the right are used and implemented for symmetry of the leakage reluctances, being
basically following the horizontal leakage paths compared to Figure 5.6.
As will be seen in the design calculations, the target quantities of Ls, mainly determined by the
leakage path, and Lp, mainly determined by the main path, are gained by only using air in be-
tween the primary and secondary side. Thus, no solutions using ferrite sticks or low-µ material is
considered. The design is again carried out by the variation of the parameter d.
Other geometries
There is variety of designing transformer cores to different shapes. First reasons for the choice
of geometries are already discussed above, based on the results from [11]. Furthermore, the
following aspects led to the proposed solution above:
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• The windings could be designed directly on a printed circuit board. However, when thin
PCB material is taken into account, the PCB material itself reduces the copper fill factor.
Consequently, the total copper cross section, directly influencing copper losses, can be cho-
sen larger using litz wire. For a future work PCB printed copper traces might be considered
using very thin PCB’s, e.g. flex foil.
• For the three-phase transformer the temple-shape device, as proposed in [25] using circular
conductors, is not considered. As will be seen below, small geometry changes will have to
be carried out on the hardware prototype. A temple transformer is not flexible concerning
small geometric changes. A temple transformer, for the purpose of a minimized external
stray field, might also have a top and a bottom plate out of high-µ material. In that case flux
density is not constant within the core and there is more material used than necessary, being
costly by trend.
• In [28] there are different transformer configurations presented when using low-µ materials
as outer shielding. Experiments suffered for a too small magnetic coupling for transform-
ers with high turns-ratio. One of the configurations is similar to the applied three-phase
transformer configuration above.
5.3 Design
For a high converter-efficiency design it was shown in section 4.3.3, that the transformer design
of the relation Ls/Lp and of reff is of major importance. Deviating from these numbers results
in increased apparent power, i.e. increased rms-currents in all components resulting in losses.
Deviating for example only from Ls but keeping the relation to Lp in its optimum point, would
result in a different operation frequency, but rms-currents would not increase. To achieve this goal,
important magnetic interdependencies are derived from the fundamentals in the theoretical part of
this section. The design of the critical geometric aspects is presented as a second step. A similar
design for a contactless rotary transformer with the goal of compensating different inductances is
given in [54].
5.3.1 Design method: theoretical fundament and derivation
For the above motivated importance of the design of Ls/Lp and of reff using the geometry setups
from section 5.2, theoretical steps are undertaken. It is assumed that small changes in the current
distribution within the copper windows does not lead to significant changes in the field distri-
bution, which would lead to changes in the reluctances. The major effect on the reluctances is
determined by the flux conducting paths for main and leakage flux. Thus, due to the much higher
significance of the latter effect, reluctances basically only depend on permeabilities and geome-
tries. Second order effects will be identified in the finite element simulation later.
Each magnetic structure can be characterized by its reluctance model, see also section 2.2 and
Figure 2.9. As mentioned above, it is important to note that the reluctances Rm are basically a
function of permeability of the material and of geometry. The reciprocal magnetic conductivities
100 5.3 Design
(AL-values), in combination with the number of turns, form the self- and mutual-inductances
respectively, see (2.12) and (2.15). These inductances additionally depend on the corresponding
number of turns, see e.g. the inductance matrix (2.19). For the more general proof, the following
argumentation is carried out for the case of three-phases, with the number of turns corresponding
to the nomenclature of Figure 2.10, i.e. Npri := N1 = N2 = N3; Nsec := N4 = N5 = N6 and r =
Npri/Nsec.
Deriving the components of the T-equivalent transformer circuit using (2.32) to (2.35), it turns out
that the quantities related to the primary side are only depending on N2pri and different reluctances
Rm,varX.
Rm,varX = different reluctances as function of geometry and µ
Lpri,σ = (Lself,pri−M1,2)− r · (Mpri,sec−M1,5) =
N2pri
Rm,var1
− Npri
Nsec
NpriNsec
Rm,var2
∼ N2pri (5.15)
Lh = r · (Mpri,sec−M1,5) =
Npri
Nsec
NpriNsec
Rm,var3
∼ N2pri (5.16)
Lsec,σ = (Lself,sec−M4,5)− 1r · (Mpri,sec−M1,5) =
N2sec
Rm,var4
− Nsec
Npri
NpriNsec
Rm,var5
∼ N2sec(5.17)
L
′
sec,σ = r
2Lsec,σ =
N2pri
Rm,var4
− N
2
pri
Rm,var5
∼ N2pri (5.18)
As mentioned above the most important transformer related design quantities are Ls/Lp and reff.
Both are depicted again, derived from (2.36), (2.37) and (2.38).
Ls
Lp
=
Lpri,σL
′
sec,σ +LhL
′
sec,σ +Lpri,σLh
L2h
∼ N
4
pri
N4pri
(5.19)
reff =
Lh
Lh+L
′
sec,σ
· Npri
Nsec
∼ Npri
Nsec
(5.20)
Thus, the ratio of Ls/Lp becomes theoretically independent from the number of turns. It only de-
pends on geometry parameters and on material properties as permeability. Furthermore, once a
geometry is chosen, reff linearly depends on Npri/Nsec. This leads to the consecutive design method
as follows:
Design method
1. From the simulations the primary side voltage waveform and the primary side rms-current
is given together with target values for Ls/Lp, reff, Ls, Lp and a target frequency, for both
single- and three-phase transformer.
2. Litz wire is chosen for the primary side to minimize skin effect (dlitz= 0.1mm@∼ 250kHz),
and designed for maximum rms-current density of 5A/mm2 at peak power, see also sec-
tion 5.1.2.
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3. Different 3C96 ferrite low-profile E-cores are considered. For each type the number of
primary turns Npri is chosen such that peak flux density Bp ≤ 100mT, see also section 5.1.2.
The total copper cross section must fit into the copper window using a single layer of litz-
wire. The latter aspect comes from the proximity consideration in section 5.1.2. For a small
geometry the smallest core size is chosen, guaranteeing the boundary conditions above.
4. Design of Ls/Lp with parameter variations using reluctance model, FEM simulation and ex-
perimental corrections, see subsequent section 5.3.2.
5. Design of the secondary side number of turns using (5.20). Nsec is chosen in the last step,
since with Nsec > Npri the parameter reff can be tuned precisely, without influencing Ls/Lp.
6. The design intrinsically results, besides the designed Ls/Lp, reff, in concrete values for Ls and
Lp. In case of small deviations from the target values the operating frequency could simply
be adapted. Otherwise, a larger core could be chosen, then with the degree of freedom of
choosing the number of turns on primary side as a first design parameter, taking influence
on the concrete values of inductances.
5.3.2 Design of the ratio of leakage and main inductance resulting in
geometric dimensions
Design of the ratio Ls/Lp is carried out in three steps, all contributing to a fast and accelerated
design. For the purpose of getting a first idea of the geometric distances of the different materials,
a simple reluctance network approach is calculated. The determined numbers are the basis for
a two dimensional finite element simulation (FEM). A parameter simulation is carried out for
the different degrees of freedom determining the self and mutual inductances of the magnetic
structure. With these results a prototype is constructed. Due to stray effects and a very high
sensistivity of Ls/Lp against parameter variations, experimental adaptions on the prototype might
become necessary.
Reluctance models
The approach is presented for the single-phase transformer. Both transformer geometries A, see
Figure 5.5, and B, see Figure 5.7, can be modeled with the reluctance network from Figure 5.9
and the reluctances determined by the equations in Table 5.3. In this first approach, carried out for
obtaining an idea of geometric dimensions, the reluctance of high-µ materials is neglected and an
idealized reluctance model is applied.
In this idealized approach it is noted for geometry A, that the design quantity d directly has a
strong quadratic influence on the ratio of the leakage- and the main-flux path. For both geometries
the ratio can be designed. It is noted for geometry B, that both the main as well as the leakage
path can practically be designed independently from each other.
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Figure 5.9: Reluctance network of geometry A and B
geometry A geometry B
Rm,m
main-flux path
1
µlow−medium
d
2·2a·e3 (∼ d)
1
µair
d1/2
2a·e3
Rm,l
leakage-flux path
1
µlow−medium
b
d·e3
(∼ 1d ) 1µair gs·e3
Table 5.3: Idealized reluctances from geometries A and B
The inductance matrix L is derived from the reluctances analog to section 2.2.2.
L|single−phase =

2N2pri
Rm,m+
Rm,lRm,m
Rm,l+4Rm,m
NpriNsec
4
Rm,l
Rm,mRm,l+2R2m,m
NpriNsec
4
Rm,l
Rm,mRm,l+2R2m,m
2N2sec
Rm,m+
Rm,lRm,m
Rm,l+4Rm,m
 (5.21)
As small calculation tool is implemented including the described calculation chain (2.39) to de-
termine Ls/Lp. A parameter variation is carried out at variable geometry (dx and g) and material
(µr,low−medium). This step accelerates the design since valuable starting points for the more accu-
rate finite element method, presented below, are resulting.
It is noted that there are different material-geometry possibilities applicable to achieve the proper
Ls/Lp. Thus, e.g. for geometry A different materials are regarded.
Finite element method and experimental optimization
A finite element method (FEM) simulation was carried out for the determination of the inductance
matrix L. Although end-effects are not regarded in the two-dimensional approach, two things are
gained from the simulation:
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• The inductance matrix itself is simulated with sufficient accuracy
• From the field distribution critical regions concerning the proximity effect could be identi-
fied, see section 5.1.2
First, a mesh structure must be found for the definition of the finite elements. For a specific
instance the mesh is presented for geometry C in Figure 5.10.
Figure 5.10: Specific mesh of geometry C
Since all energy storing regions have to show a high resolution, different regions are structured
finely, i.e. main and leakage flux path and the front sides of neighboring ferrite cores, where small
airgaps are expected and modeled. In this figure the mesh structure is finer on the right hand side
to derive elements of the inductance matrix linking the phases two and three. The FEM simulation
basically has the AL-values, the reciprocal reluctances see section 2.2.2, as output. The matrix L
is derived by taking the number of turns into account. The calculation to the ratio Ls/Lp can now
be carried out.
A result for the simulated inductance matrix L is given for one of the three-phase transformer
samples in Table 5.4. Additionally, the derived values and directly measured values are indicated.
FEM analysis yields the desired low values for Ls/Lp. However, the directly measured relation
differs by an intolerable factor larger than five. Since the deviation of the components of the
inductance matrix show much lower and reasonable components, a closer look is taken on the
error propagation in the calculations. Calculating the equation chain L to Ls/Lp using (2.39), as-
suming symmetry between the phases corresponding to (2.27), means calculation the following
104 5.3 Design
Inductance FEM Value in µH Measured Value in µH Deviation in %
L1 2.42 2.57 6.0
L2 2.61 2.77 5.8
L3 2.42 2.54 4.9
L4 408 439 7.0
L5 441 441 0.1
L6 408 442 7.6
M12 =M21 −0.749 −0.735 -1.9
M13 =M31 −0.731 −0.645 -13.4
M23 =M32 −0.749 −0.718 -4.4
M45 =M54 −127 −119 -6.1
M46 =M64 −124 −105 -17.4
M56 =M65 −127 −118 -7.5
M14 =M41 30.4 29.8 -2.1
M15 =M51 −8.96 −8.25 -8.7
M16 =M61 −9.51 −8.25 -15.2
M24 =M42 −8.96 −8.25 -8.7
M25 =M52 30.6 29.8 -2.8
M26 =M62 −8.99 −8.75 -2.7
M34 =M43 −9.51 −8.50 -11.8
M35 =M53 −8.99 −8.00 -12.3
M36 =M63 30.4 30.0 -1.2
Ls 0.059 0.344 -480
Lp 1.61 1.49 7.4
Ls/Lp 0.037 0.23 -522
Table 5.4: Components of the inductance matrix L (negative entries due to orientation, compare
section 2.2.2)
equations:
Ls
Lp
∣∣∣∣
single−phase
=
Lself,priLself,sec
M2pri,sec
−1 (5.22)
Ls
Lp
∣∣∣∣
three−phase
=
(Lself,pri−M1,2)(Lself,sec−M4,5)
(Mpri,sec−M1,5)2 −1 (5.23)
Since the target design value are in the range between zero and one, thus the target design values
for the ratio of self and mutual inductances is between one and two, a numerical problem comes
up. For example in the three-phase case the target value is Ls/Lp = 0.19. In case the target value
of the ratio of inductances is not met by 10% (1.19± 0.12), then the error in Ls/Lp results in
0.19±0.12, a relative error of 63%.
Thus, for the final design of the transformer-inductor device small adaptions have to be made in
the laboratory. FEM analysis is mandatory to be carried out before the experimental optimization.
A pure experimentally design would not lead to an end of experiments, since too much degrees of
freedom are given.
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Using the FEM tool, also the field and the flux distribution can be visualized. The flux distribution
is depicted for the geometries A and B in Figure 5.11.
(a) geometry A (b) geometry B
Figure 5.11: FEM-simulated lines of constant flux density (current density injected in lower side
copper window)
Magnetic fields in the copper windings, resulting in increased proximity losses, can be minimized
for the single-phase approach by choosing geometry A instead of geometry B. This corresponds
to the statements in section 5.1.2, where a homogeneous field along the opening of a copper
window, here realized by using a magnetically isotropic materials in the copper window opening,
is supposed to be applied for minimum proximity losses.
5.4 Summary
For a high converter-efficiency design it is of major importance to properly realize the transformer-
inductor parameters Ls/Lp and reff, resulting in optimized current and voltage waveforms of the
complete DC-DC converter. Furthermore, the different loss components of the device have to be
minimized.
Concerning the latter aspect, winding losses are qualified concerning DC-, skin- and proximity-
losses. DC- and skin-losses are encountered with sufficient copper cross section and the use of
litz wires. Proximity losses are qualified concerning the integration of copper conductors into soft
magnetic core shapes, resulting in important aspects concerning the core shape. The latter also
leads to a low profile device as also being specified. Concerning the soft magnetic material, dif-
ferent core materials are qualified concerning their usability regarding energy storage capability
(integrated inductances) and minimized external leakage field. The basic operation and excita-
tion level of the materials is briefly presented with the resulting design goal of maximum flux
densities significantly below the saturation of the materials. Regarding all these aspects, different
geometries of the transformer-inductor device are proposed for the construction.
For the concrete, quantified design of the single- and three-phase transformer-inductor geometries
it is first derived, that one of the major design goals, i.e. the ratio of Ls/Lp, is basically no function
of the number of turns, but just a function of geometry and material parameters. A design method
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is derived, making use of the latter effect. The afore mentioned constraints on flux density and
current density are regarded within the design. In a last step the effective turns ratio can be chosen
quasi-independently. For a fast design of the quantified geometric dimensions, the necessity of
three-step design is pointed out. The results of the reluctance model lead to good start parameters
for 2-D FEM simulations. The final experimental adjustment is necessary since a high sensitivity
against parameter variations is given, reasoned by the error propagation.
6 On the Use of Three-Phase DC-DC Converters
Three-phase DC-DC converter systems are often mentioned to show advantages compared to their
single-phase counterparts, e.g. in [25], [93], [72] and [97]. The advantages are:
• lower filter effort at the dc-filter elements
• three-phase transformers require less magnetic core material, weighs less, and occupies less
space [93]
These general statements are quantified in one example by calculation of the dc-capacitances in
case of series-resonant operation using a voltage-source dc-link. A factor of 35 in capacitance is
saved compared to its single-phase counterpart, see Table 4.2. However, in [93] and [72] rectifiers
comprising current-source low-voltage dc-links are addressed, with the statement above for the
corresponding dc-inductance.
An application with diode rectifier, voltage-source dc-link and an ac-capacitor in parallel to the
rectifier, snubbering the diodes as also given in the new three-phase LLCC-type SPRC, is proposed
for a three-phase LLC-type converter in [97].
Saving magnetic material is well known from low-frequency transformers and transferable to
transformers in power electronics. Since voltages across the transformer windings in a three-
phase system sum up to zero, also flux sums up to zero. Thus, a magnetic shaft for returning
any flux is obsolete, material is saved. However, leakage flux must be considered and designed
carefully.
In the given application a transformer-inductor configuration is proposed being not 100% sym-
metric by geometry. However, the magnetic distances are similar and quasi-balanced. Hence,
unbalance is quantified and discussed. Since a severe harmonic content in the resonant-tank cur-
rents is observed, emphasis is put on this effect. The combination of the diode rectification with
voltage-source dc-link and capacitive snubber Cp is analyzed and identified leading to the severe
drawbacks not indicated in [97]. This leads to the exclusion of the three-phase LLCC-type SPRC
for the use in the given application.
However, since the fundamental advantages of differently configured three-phase converters still
apply, design aspects of three-phase converters are summarized.
6.1 Transformer-Inductor Unbalance
Unbalance in a three-phase converter results in a non-symmetric stress in the different compo-
nents. Thus, the sum of rms-current stress or the sum of flux density stress is higher than in
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symmetric systems. Consequently, unbalance generally should be avoided. Since pulse-pattern
and other circuit components can be assumed to be symmetric, the major unbalance effect is ex-
pected from the transformer-inductor device.
The constructed three-phase transformer-inductor device geometry from Figure 5.8 is not sym-
metric between the phases when just looking at the distances between the phases, see Figure 6.1.
Figure 6.1: Construction of a three-phase transformer-inductor device
However, due to the main reluctances of the geometry being determined by the airgap, being
identical from each phase’s point of view, a high degree of symmetry is given in the reluctance
matrix L, as can be also seen from the measured entries in Table 5.4. However, further and more
severe unbalance comes from the non-ideal ferrite E-cores. Due to non 100%rectangular corners
of the four E-cores in Figure 5.8, additional triangular airgaps come up between the left and the
right E-cores.
In this section the significance of this unbalance effect is analyzed. In the derivation of the the-
oretic basis it turns out that when applying a symmetric voltage system at the terminals of the
transformer-inductor device only unbalance in the magnetic reluctances can lead to unbalanced
waveforms. A method to identify unbalance is presented by using a zero-system in the different
magnetic fluxes.
Unbalance is presented, analyzed and quantified for an exemplary measurement. Theoretical as-
pects in the discussion indicate why unbalance in the inductance matrix L does only lead to lower
levels of unbalance in the stress quantities flux density and current.
6.1.1 Description and Identification of Unbalance
The effects of unbalance is explained using a simplified example of an arbitrary system of voltage
sources, e.g. a pulsed voltage source converter, feeding a three-phase coil with reactive power. As
can be seen from Figure 6.2, the three-phase coil shows an additional magnetic path in case flux
does not sum up to zero.
It is started from arbitrary currents ix, with x = {1,2,3}, and from arbitrary reluctances Rm,x and
Rm,0, with the reluctance model depicted in Figure 6.3. The number of turns N are identical for
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v1 v2 v3
vSN
S
N
v3S
v2S
v1Si1
i2
i3
(a) electrical setup
i2
v2S
i3
v3S
i1
v1S
Rm,1 Rm,2 Rm,3Rm,0
(b) coil
Figure 6.2: Setup for discussion of unbalance in three-phase systems
all phases, since this number is easy to be kept constant in the design. The flux distribution can be
calculated to the equations below, derived from fundamental circuit theory known from electrical
circuits, see also Figure 6.3. As important quantities the virtual short-circuit component of the
flux Φsc and zero-component of flux Φ0 should be noted.
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Ni3
Rm,1
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Rm,0
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F3
F0
=
Ni1
Ni2
Ni3
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F1
F2
F3
Fsc
+
Rm,1
Rm,2
Rm,3
Rm,0
F1
F2
F3
F0
Fsc
'
'
' ''
''
''
Figure 6.3: Calculation of flux distribution in reluctance network
Φsc = N ·
(
i1
Rm,1
+
i2
Rm,2
+
i3
Rm,3
)
(6.1)
Φ0 = Φsc · Rm,1||Rm,2||Rm,3Rm,0+Rm,1||Rm,2||Rm,3 (6.2)
Φ1 = Φ
′
1−Φ
′′
1 = N
i1
Rm,1
−Φsc · Rm,2||Rm,3||Rm,0Rm,1+Rm,2||Rm,3||Rm,0 (6.3)
v1S = N
dΦ1
dt
(6.4)
v1S+ v2S+ v3S = N
dΦ0
dt
(6.5)
A zero-system occurs only in case of deviating from symmetric reluctances. As all arbitrary cur-
rent waveforms sum up to zero (∑ ix = 0A), only different reluctances Rm,x can be the reason for
Φsc and thus, Φ0. In case of an electrical delta connection of the coupled inductor also circulating
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currents might occur, also being reason for zero-flux components. However, to minimize zero-flux
Φ0 in any electrical connection it can also be seen from (6.2) that Φ0 and thus, ring currents, are
minimized by a large zero-reluctance Rm,0. Back to the star connected case, it is noted that an
unbalance in the reluctances becomes visible in a zero-system voltage vxS across the inductor.
There are two ways to detect unbalance of flux density in the laboratory, i.e. measuring a voltage
vxS or measuring vSN. For a symmetrical voltage system vx (periodic arbitrary voltages with 120°
phase shift), vSN follows 1/3(v1+ v2+ v3). For a symmetric system with voltage source converter
operating a 50% duty cycle and 120° phase shift this results in the ideal waveform of v1S = N
2
Rm,1
di1
dt ,
as depicted in Figure 4.4(b). The deviation from the ideal waveforms of vxS and vSN is directly
coupled with an unsymmetric flux.
unbalance in Φx ⇔ deviation from ideal vxS or vSN (6.6)
Thus, unbalance can be characterized for the critical stress components, i.e. flux density and
current by the following method:
• Measuring v1S from (6.4) gives a direct information on unbalance in flux density
• Unbalance of currents can be directly detected by their measurement
Symmetry in the resonant tank would lead to symmetric stress quantities if symmetric voltages
are applied by the inverter to the resonant tank. Source of unbalance in the stress components is
unbalance in the matrix of coupling-inductances L, being depicted for the example above.
L = k

Rm,2+Rm,3+
Rm,2Rm,3
Rm,0
−Rm,3 −Rm,2
−Rm,3 Rm,1+Rm,3+ Rm,1Rm,3Rm,0 −Rm,1
−Rm,2 −Rm,1 Rm,1+Rm,2+ Rm,1Rm,2Rm,0
 (6.7)
k =
Rm,0 ·N2
Rm,1Rm,2Rm,3+Rm,1Rm,2Rm,0+Rm,1Rm,3Rm,0+Rm,2Rm,3Rm,0
= const
Unbalance in the currents and the fluxes are coupled via L, as also seen in (6.2). However, calcu-
latingΨ=Li indicates that unbalance in L does not lead to a severe influence between the phases.
An electrical star connection is assumed (i1 =−i2− i3):
Ψ1 = L1i1+M1,2i2+M1,3i3
= (L1−M1,3) · i1+(M1,2−M1,3) · i2 (6.8)
= k
(2Rm,2+Rm,3+ Rm,2Rm,3Rm,0
)
i1+(Rm,2−Rm,3)︸ ︷︷ ︸
small
i2
 (6.9)
However, unbalance in the self-inductances leads to differences in flux linkage. The same effect
of a minor influence of neighboring phases also becomes visible in the approach of calculating
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the three-phase transformer-inductor device, when calculating appendix B.1 for an unbalanced
system.
6.1.2 Analysis, Quantification and Discussion of Unbalance
The constructed transformer has been tested in a three-phase SPRC. An exemplary measurement
is depicted in Figure 6.4.
35 V
35 V
0 V
2
31
3
7.82 Vpp
from
12.64 A
to
13.88 A
pp
pp
v1S
i1
i2
i3
i1i2 i3
i1 i2 i3
v1S,nom
Figure 6.4: Measured primary-side resonant tank waveforms @ P= 50 W
Currents show an extreme fifth harmonic being obvious as a severe aspect to be considered. It
is referred to the subsequent section. Here symmetry is discussed further. Current unbalance is
depicted in the figure and flux density unbalance is qualified with the following equations.
Bpp,nom =
1
f
2
9
· vPV
NAcore
(6.10)
= 94mT @ 211kHz, vPV = 35V (6.11)
kBpp,non−nom =
1
f
1
2pi · k ·
kvpp
NAcore
(6.12)
k=11= 0.69mT @ 2.3MHz, 11vpp = 7.82V (6.13)
The unbalance in the peak currents in the range of 10%, similar to the deviations within the
self inductances, compare matrix of coupling-inductances in Table 5.4. Further unbalance in
the currents is expected at higher frequencies. Unbalance in flux density is neglectable when
only looking at peak values, but frequency of the unblanced non-nominal 11th component of flux
density is 11 times higher than fundamental frequency.
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Only specific harmonics are identified in the signals. This is obvious when looking at Fourier
analysis of the converter voltages, applying only specific harmonics to the load. The voltage
drop across the series capacitor is not regarded(i), resulting in the nominal transformer voltage
waveform indicated in Figure 6.4. Since there are no even harmonics and no triple harmonics
such as the 3rd, 9th, 15th,... generated by the three-phase inverter bridge [58], the nominal voltage
system is determined by vxS,nom as indicated in Table 6.1.
harmonic number k kvxS,nom = 2k·pi vPV
kBxS,nom = 1f
1
k·pi ·
kvxS,nom
NAcore
1 22.28V 86mT
5 4.45V 3.44mT
7 3.18V 1.76mT
11 2.03V 714µT
13 1.71V 509µT
...
...
...
Table 6.1: Designed nominal harmonic components (peak values) at nominal PV voltage of vPV =
35 V
Other harmonics do not occur in the three-phase system, since there are no exciting sources com-
ing from the active device, i.e. the converter with its balanced pulsed voltage. However, unbal-
ance in the transformer-inductor device still shows two different effects. In case of a balanced
non-nominal harmonic in the phases, there is still no zero-flux through Rm,0 from Figure 6.2(b),
since all three components sum up to zero. However, in case of different phase-amplitudes of a
non-nominal harmonic, a zero-flux component also flows through Rm,0, or the outer legs of the
transformer-inductor device in Figure 6.1 respectively.
Measuring the transformer-inductor-device voltages is identified as a powerful tool to identify and
analyze symmetry in the flux distribution. Whereas unbalance in the fundamental flux-component
scales linearly with the corresponding voltage, the kth harmonic component in flux becomes visible
in the voltage amplified by k. Thus, the comparison with the three nominal voltage waveforms
allows to analyze the flux unbalance.
The constructed transformers show unbalance in the matrix of coupling-inductances and thus, also
in the stress quantities current and flux. Unbalance finally has influence on efficiency and must be
minimized. In this system, methods were presented for the identification and analysis of unbalance
in the system. However, before any further optimization concerning unbalance is carried out, the
more significant problem of the strong fifth harmonic in the current must be considered.
(i)The relation Ls/Cs is very small. The relatively larger Cs does not show a significant voltage drop corresponding
to the different currents. Thus, the major voltage drop of the pulsed converter voltage, especially at the higher
harmonics, is only visible at the transformer
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6.2 Harmonic Content of the Resonant-Tank Currents
A severe harmonic content, especially of the 5th harmonic, of the resonant-tank currents is ob-
served in Figure 6.4. Although this effect was already observed in simulations before, it is not
yet addressed to focus on the previous topics. It was proved that the previous design rules of the
resonant elements for the three-phase converter are not affected by the harmonic content qualified
below. For the analysis the three-phase rectifier, see Figure 6.5, is considered.
Vdstr
Cout,1
Cp
Cout,2
vrec,1
irec,high
irec,low
isec,1
Figure 6.5: Three-phase rectifier
Each rectifier-leg is operating in discontinuous conduction mode, due to snubbering by the capac-
itances Cp. First, the commutation angle of the rectifier-leg, i.e. when both diodes of one inverter
leg are turned off, is assumed to be smaller than 60°, resulting in a voltage-system across the res-
onant tank close to Figure 4.4. The voltage system is identical to Figure 4.4 when commutation
time is zero. This constraint is identical to a conduction time of each diode exceeding 120° corre-
spondingly. The operation of the rectifier results in severe additional harmonics if this constraint
is not hold. Since irec,high ≡ irec,low for any time instance, always a minimum of an upper and a
lower diode are in the on-state, never a single diode. As soon as the constraint of a commutation
time < 60° is not hold, each diode starts switching at a multiple times within a period. However,
since in the given converter nominal power is low and since output voltage is high and thus, output
currents are in the mA range, the constraint of a commutation < 60° is never hold.
This effect is illustrated in an exemplary simulation. Ideal balanced voltage sources feed the recti-
fier circuit with f = 215kHz, being clamped at it’s output to Vdstr = 700V. Only the diode capac-
ity is modeled in the simulation. For each rectifier-leg two capacitances are connected in parallel
(70pF @ [24]), whereas in the simulation the intrinsic capacitance of the diodes are clamped to
the dc-link. Diodes are modeled by their forward voltage drop and resistance. Power is varied by
changing the magnitude of the feeding voltage-source system. Results are presented in Figure 6.6,
with the observed items listed below.
• At reduced power levels diodes are switching twice a period, which should be avoided.
Diodes switching at operation frequency is only achieved at very high power levels.
• The fundamental component of current is significantly larger than current components of
higher order in case the diodes are not switching twice a period. In the simulation a power
level > 10kW is necessary to avoid switching twice a period, see Figure 6.6(a)
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Figure 6.6: Simulated current waveforms and corresponding harmonic spectrum of the three-phase
rectifier in simplified and idealized circuit
• The rectifier-leg voltages vrec,x also show strong 5th and 7th harmonic content due to the
switching behavior of the diodes. Looking at the corresponding voltage system, a significant
part of power is transferred via the harmonics.
• Looking at lower power levels, the relation between fundamental current component and
higher harmonics increases with decreasing power again. However, this is reasoned by rel-
atively more fundamental reactive power into the parallel capacitors, not by power transfer
via the fundamental component. The reactive current is visible in Figure 6.6(c) in the time
intervals when diodes are not conducting.
• In the simulation commutation time and transferred power are strongly related to modeling
the diodes and the value of capacitance. Real values are used to illustrate the significance
of the effect for the given application. However, ideal ac-voltage sources are used for the
simulation. Qualitatively identical statements can be found when injecting a symmetrical
current-source system as counterpart and opposite extreme in terms of internal impedance
of the source system.
Basically it was not possible to construct a rectifier switching only at fundamental frequency for
the given application. Commercial diodes, even the low-capacitance silicon-carbide shottky diode,
shows a too large capacitance. However, when talking about three-phase voltage-source rectifiers
being snubbered by a parallel capacitance in any applications, the problem of double switching
frequency of the diodes occurs at least in part-load operation. Figure 6.7 shows an exemplary
measurement of the rectifier quantities.
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vac,1
isec,1
Figure 6.7: Measurement of three-phase rectifier quantities @ P = 167 W (vac defined in Fig-
ure 4.4(a))
In this exemplary measurement, a strong 7th harmonic is visible. In other measurements also
strong 5th harmonic was observed. Furthermore, unbalanced phase currents were identified with
the current in one phase showing a stronger 7th harmonic whereas the other currents show a higher
5th harmonic. As expected from simulation, diodes are always switching multiple times during
one switching period. Within the large commutation times, > 70% of a period in the best-case
high-load consideration in Figure 6.7, the harmonic currents continue to oscillate in the resonant
tank. The large amount of reactive current charging and discharging the diode capacities was
always detected. This means additional rms-current in the circuit leading to increased losses.
The converter performance suffers for the severely long commutation times, which should be
avoided.
Since both the inverter voltage-system as well as the rectifier voltage system show significant
harmonic content at the same harmonic numbers (5,7,11,13,..), see Table 6.1 and Figure 6.6, the
occurrence of the corresponding currents is obvious as measured.
The constructed prototype of the three-phase converter shows an European efficiency of 86.7%.
Improvements could be done by minimizing unbalance. A potential for optimization can be tapped
by using finer HF-litz wire, since it was designed for operation frequency, not for the harmonics.
However, the basic problems of diodes switching at double operation frequency and currents of
higher harmonics oscillating during the large commutation times cannot be avoided. Thus, for
the given application the three-phase SPRC-LLCC converter shows fundamental disadvantages
compared to its single-phase counterpart. It is not considered further. However, from the work
different ideas were born and design rules for three-phase converters are derived as illustrated
below.
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6.3 Design aspects for three-phase converters
For the given application a three-phase LLCC-type SPRC with voltage-source input and output
was constructed and presented. Both from the design- and from the characterization phase impor-
tant aspects are identified being not only important for the LLCC-type SPRC. These aspects are
listed below:
6.3.1 Rectification
As shown in section 6.2, passive rectification is not a good choice for the given application. Due
to the diodes switching twice a period, the spectrum of the resonant tank’s secondary-side voltage
system does only show a small fundamental component compared to the 5th and 7th harmonic.
Thus, also power transfer is established via higher harmonic components. Different strategies can
avoid this fundamental drawback, being presented below. The strategies are discussed and reasons
are given for not following these approaches in the given application.
• Passive rectification could be carried out using a current-source dc-link. Then always diodes
are conducting and a fundamental frequency power transfer would be established. However,
as stated in section 4.1.2, current-source rectifiers suffer for high device stresses in the res-
onant tank at high dc-link voltages as given in the application.
• The resonant tank could be configured such that conduction times of the rectifier diodes
are beyond 120°, as for example in the series-resonant converter. Then always diodes are
conducting and a fundamental frequency power transfer would be established. However,
the parallel resonant componentsCp and Lp, being the reason for large commutation angles,
are substantially necessary for the control of the variable input-to-output voltage ratio of the
converter, see section 4.1.2.
• The secondary side transfomer starpoint could be connected to a center tapped dc-link. Then
phases are decoupled and upper and lower diodes do not necessarily need to conduct at the
same time. Fundamental frequency power transfer would be established. However, in that
case the secondary-side transformer voltages do not sum up to zero. This is directly linked
to a zero component in flux, see (6.5), even in balanced systems. Then a major advantage
of three-phase systems, less need for magnetic material, is reduced since zero flux must be
conducted. This possibility is not considered further.
• Active transistors could be used for rectification. For the given application this alternative
is not considered for cost reasons.
It is concluded that three-phase converters must be constructed for switching only at fundamental
frequency. In three-phase converters it is strongly proposed to either use
• passive diode rectification with current-source output, or
• passive diode rectification with a resonant tank providing conduction angles > 120°, or
• active (forced) rectification, i.e. dual active bridge.
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6.3.2 Wye - Delta Configuration of Transformers
In the constructed three-phase converter the electrical connection of the transformer is a Wye-
Wye connection. Basically there is the degree of freedom to construct also Delta-Delta connected
transformers or a combination of both as proposed in [59]. For the discussion of the different
possibilities first the voltage over one transformer coil and the flux in the corresponding magnetic
shaft is depicted for the balanced case of a non-resonant three-phase bridge in Figure 6.8.
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Figure 6.8: Simulated current waveforms and corresponding harmonic spectrum of the three-phase
rectifier in simplified and idealized circuit
In the Wye-Wye configuration electrical ring currents are avoided by the circuitry, i.e. star-
connection. In balanced systems this means avoiding zero-flux Φ0, see (6.2). In case of unbal-
anced systems zero flux can occur as observed in Figure 6.4, which can be kept small by realizing
a high zero-reluctance Rm,0. In case of a Delta-Delta connection a small unbalance would not
necessarily lead to a zero-flux component Φ0. A compensation of unbalance, especially at high
zero reluctances, is also established by ring currents. Balanced systems do not show zero compo-
nents.
A combination of both configurations, i.e. Wye-Delta or Delta-Wye configuration, shows the
advantages in three-phase single active bridges of reduced currents enabling a higher efficiency
or higher power density [59]. In the publication a transformer with very large main inductance
is considered, being only modeled by its stray inductance. Here, additional aspects of stray flux
are added. Basically in the Wye-Delta or Delta-Wye configurations primary and secondary side
waveforms follow a combination of the waveforms in Figure 6.8. Since primary and secondary
coil are usually mounted on one soft magnetic shaft, and since each coil injects a significantly
different flux shape, the difference, i.e. leakage flux with a magnitude in the order of main flux,
must be conducted through a specially designed leakage path(ii). Thus, a magnetic path with
(ii)In comparison to a Wye-Wye or Delta-Delta configuration both flux shapes injected by primary and secondary
coils, show slightly different magnitudes and a small phase shift. Thus, the magnitude of leakage flux is reduced
and basically consists of a fundamental component. The latter is fundamentally different in the combined use,
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correspondingly large core cross section must be inserted. When not providing the leakage path,
severe leakage fields occur. Especially when building a three-phase prototype using three separate
ring cores in the laboratory leads to this problem. Using aWye-Wye or a Delta-Delta configuration
leads to a relatively small voltage across the stray inductance. Thus, leakage field and e.g. the
corresponding proximity effect is reduced.
6.4 Summary
The newly proposed SPRC-LLCC converter was constructed and tested. From the geometry as-
pects the transformer inductor-device is not completely symmetric. However, magnetic distances
are similar since the reluctance is mainly given by the airgaps. Besides only having similar mag-
netic distances, further and more severe unbalance comes from the non-ideal ferrite E-cores. Due
to non 100 %rectangular corners of the four E-cores in Figure 5.8, additional triangular airgaps
come up between the left and the right E-cores. Unbalance and its effect is first described theoret-
ically:
• Unbalance in the self inductances leads to much more unbalanced currents than unbalance
in the mutual inductances between the phases. The interrelation between unbalance in ge-
ometry and a zero component of flux is qualified
• In an unbalanced system the zero component of flux can be conducted by a special leakage
path (small zero reluctance), or it is minimized by a high zero reluctance. The latter measure
has the effect of severe external stray fields
• When connecting a three-phase winding in delta-connection, then ring currents partly com-
pensate the zero flux component. The magnitude of ring currents vs. magnitude of zero flux
can be designed by the zero reluctance
• Unbalance in flux can easily be detected by the identification of non ideal voltage wave-
forms. In the constructed converter unbalance is in the range of 10%
Besides unbalance, a much more severe effect of extremely high harmonics in the resonant-tank
currents was detected. The analysis showed, that in the given application using diodes with small
capacitance, diodes are always switching multiple times within a period. Since commutation an-
gles of the rectifier legs are too large and always a minimum of two diodes have to be in the on
state, there is the only possible solution to switch a minimum of two times per period. Conse-
quently, the rectifier voltage spectrum shows large 5th and 7th harmonic components with respect
to the fundamental component. This leads to power transfer at higher harmonics as well as a huge
amount of reactive power at the same harmonics.
The constructed prototype of the three-phase converter shows an European efficiency of 86.7%,
with some potential for improving efficiency. However, the basic problems of diodes switching at
double operation frequency and currents of higher harmonics oscillating during the large commu-
tation times cannot be avoided. Thus, for the given application the three-phase LLCC-type SPRC
becoming visible when substracting fluxes in Figure 6.8(c) from Figure 6.8(d).
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shows fundamental disadvantages compared to its single-phase counterpart. It is not considered
further.
From the work different ideas were born and design rules for three-phase converters are derived.
The advantages of three-phase converters, i.e. smaller dc-filter effort and less magnetic core ma-
terial, are expected to be utilized in when applying one of the measures:
• passive diode rectification with current source output, e.g. in [93], [72]
• passive diode rectification with a resonant tank providing conduction angles > 120° , e.g.
series-resonant converter
• active (forced) rectification, i.e. dual active bridge e.g. in [25]
When combining Wye and Delta connections on one transformer, further advantages are known in
terms of reduced current stress [59]. Since in contrast to the other configurations the flux shapes
differ significantly from each other, special attention has to be put on the leakage paths for leakage
flux.
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7 Single-Phase Prototype: Implementation,
Characterization and Discussion
A single-phase SPRC-LLCC converter prototype was constructed based on the afore derived and
presented design methods. Emphasis is put on the heart of the resonant tank, i.e. the devel-
oped transformer-inductor device. The final single-phase prototype’s construction is presented,
meeting all mechanical and electrical specifications. However, the integration into a housing is
still to be carried out in future work. With an adequate housing it is concluded that also thermal
specifications are expected to be met easily. The performance of the prototype is characterized
and loss distribution is discussed. In a comparative argumentation reliability is considered to be
more than sufficient for the proposed solution. Furthermore micro- as well as the more important
macro-economic aspects are addressed.
7.1 Transformer-Inductor Device
A single-phase transformer-inductor device is designed to the inductance values indicated in Ta-
ble 4.5. Two alternative geometries are proposed in chapter 5, geometry A comprising a low-
or medium-µ material with a distributed airgap, see Figure 5.5 or geometry B comprising fer-
rite sticks to implement multiple discrete airgaps, see Figure 5.7. Geometry A should be chosen
as a matter of principle due to advantages in a more homogeneous field distribution and thus,
lower proximity losses. However, the first subsection shows other limits with this solution such
that another prototype is constructed on basis of geometry B as alternative with multiple discrete
airgaps.
7.1.1 Distributed airgap material
As stated above and in section 5.1.3, using low- and medium-µ materials resulting in a distributed
airgap shows principle advantages. However, the most suited metal-powder composites as MPP,
Sendust, Kool Mu®, High Flux or iron powder, Somaloy® especially in terms of loss perfor-
mance, were not available. On the one hand basically only ring cores are available. On the other
hand, according to manufacturer information, the remaining exceptions show such a high brittle-
ness that the material does not allow to grinding a cuboid down to the necessary thin plate with
extreme aspect ratio. However, the production of such plates in the pressing process is basically
possible and should be followed up.
As an alternative ferrite-polymer composite (FPC) materials are analyzed further. Since loss char-
acteristics were not possible to identify directly, see section 5.1.3, prototypes were constructed
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using the method from section 5.3 to simply compare the performance with other prototypes and
to deduce loss characteristics vice versa.
Two transformer-inductor devices were constructed according to the geometric definitions from
Figure 5.5 using two 3C96 ferrite E-cores with the leakage path materials MAB-03 [63] and C350
[43]. The devices were operated in the target application at a transferred power of 120W, see
Figure 7.1.
(a) MAB-03 prototype (b) MAB-03 thermal image (c) C350 prototype (d) C350 thermal image
Figure 7.1: Photograph and thermal image of both transformer-inductor devices using low-µ ma-
terials for the leakage path (Thermal image after 90 s @ 120 W)
The operation of the devices show significant overheating of the FPC-material in the leakage path,
already before a thermal steady state was reached. Hot spots detected by the thermal image were
TMAB−03 = 166°C and TC350 = 169°C. The sections of the FPC material having contact to the
ferrite E-cores show lower temperature levels. As reason a thermal conductivity into the ferrite is
expected.
The experiments were not continued to reach a thermal steady state, since temperature rise was
fast and hot spots beyond 160°C are not tolerable. Since even more flux at higher flux density
is conducted in the ferrite core compared to the leakage path, obviously FPC material shows a
significantly worse loss behavior. The effect described in the following is expected to be reason
for such high losses: Inside the material ferrite particles show the same performance as other
ferrite materials do. When conducting an effective flux density through the material cross section,
then the high-µ ferrite particles mainly conduct the flux such that local flux density in the particles
is significantly increased compared to the resin/polymer material. Thus, ferrite losses and global
effective losses are increased as well.
The use of FPC materials is excluded from further analysis due to the severe loss behavior. How-
ever, the use of metal-powder composites is still a material to be considered. The final transformer-
inductor device is constructed using high-µ ferrite material in the leakage path with multiple air-
gaps, see below.
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7.1.2 Multiple concentrated airgaps
A transformer-inductor device was designed with the method qualified in section 5.3. Photographs
of the final device are depicted in Figure 7.2.
Figure 7.2: Construction of the single-phase transformer-inductor device
The device consists of two 3C96 E38/8/25 ferrite cores ({e1/e2/e3} = {38mm/8mm/25mm}).
Six 3C90 I25/6/6 ferrite core sticks are used to set up the leakage path. Using the design method
qualified in section 5.3, the geometric distances are designed to the values in Table 7.1:
g d1 d2 Npri Nsec
1.6mm 300µm 200µm 6 31
Table 7.1: Single-phase transformer-inductor device construction
In order to keep local core loses in the reasonable range below< 250kW/m3, the designed peak flux
density is chosen to be below 100mT, see section 5.1.1. Following the derived design method,
an even smaller peak flux density of 35mT is designed. This is mainly reasoned by proximity
loss problems, as figured out experimentally. As stated before, a smaller core could be chosen
resulting in reduced overall core losses. Thus, also another prototype based on the smaller 3C96
E32/6/16 ferrite cores was constructed. However, for achieving the inductance levels more turns
have to be wound in a smaller copper window. Consequently, in the primary side copper window
a second layer of turns had to be implemented, layers were also added on the secondary side as
well. Core losses were reduced but proximity losses were severely increased due to:
• More turns lead to increased magnetic field strength, since the same current must be con-
ducted
• The effective number of band conductors in the copper window is increased, which signifi-
cantly accounts for proximity losses, see section 5.1.2
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• The transformer-inductor device with multiple airgaps shows concentrated fields at the air-
gaps, visualized by FEM simulation in Figure 5.11. In case of the larger E-core there is
space left such that the current conducting HF litz wires are not exposed to extreme, but
more homogeneous field strength. This effect is not simulated and quantified in detail, since
this aspect was out of the scope of this thesis (FEM- and circuit-simulation would have to
be coupled, as e.g. done in [18]). The effect is expected to be significant. Independent from
this consideration, using low- or medium-µ materials corresponding to a distributed airgap
would avoid the problem of concentrated fields
The detailed efficiency characterization is presented for the complete converter below. However,
the efficiency gain is anticipated here. When comparing European efficiency of the converter
comprising the larger transformer-inductor device based on E38/8/25-cores, with the one based
on the E32/6/16-cores, an efficiency gain of 4% is achieved. This severe efficiency drop for
the smaller device is mainly reasoned by proximity losses. The increase of power density is
considered to be of minor importance.
With the design it is verified that leakage and main inductance can be designed independently from
each other. The identified geometries A as well as B show the advantage of a low-profile design,
i.e. a total height of 22.5mm (s = 6mm leakage path plus d1+d2 = 0.5mm total airgap in main
path plus 2 ·e2 = 2 ·8mm E-core height, geometric quantities see also Figure 5.7). Furthermore the
design suits very well for resonant applications where different inductances have to be integrated,
but is not limited to such applications.
7.2 Converter Prototype
7.2.1 Construction
A single-phase prototype with the components defined in the topology from Figure 4.7, is con-
structed as depicted in Figure 7.3.
Figure 7.3: Single-phase converter prototype
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Two MOSFET switching cells consisting of MOSFETs, their drivers, dc-link capacitance and
snubbers, as qualified in detail in section 2.3.2, are connected through the series resonant capacitor
Cs to the transformer-inductor device. Corresponding to section 2.3.3, C0G ceramic capacitors
are used to realize a temperature stable and highly efficient series resonant capacitor. Four 12nF
capacitors are paralleled to form Cs = 48nF. The parallel capacitance is on the one hand formed
by the transformer’s winding and diode’s internal capacitance Cp,trafo and Cp,diode. However, to
reach the target value a discrete external Cp,ext = 330pF film capacitance is added(i). The rectifier
consists of two silicon carbide diodes [24].
Looking at the mechanical specifications from section 3.5.2, all prerequisites are met to integrate
the converter in a specified housing. The device with the maximum height of 22.5mm is the
transformer-inductor device (6mm leakage path plus 0.5mm total airgap in main path plus 2 ·8mm
E-core height). Including housing, the product can show a height of e.g. 25mm, being well below
the specified maximum of 30mm, coming from [81]. However, tapping the potential of size and
thus, height reduction when using medium-µ metal-powder composites, total height can even be
reduced. Although the converter is not integrated in a housing yet, it is easily seen that the area
is significantly less than a PV-module. Thus, an integration of the converter on the backside of
a PV-module is possible. It is possible to mount the converter to the frame, not to the backside
lamination, as recommended in [81].
Figure 7.3 does not depict the control hardware, basically consisting of a microcontroller and
a CPLD generating the switching patterns for either single- or three-phase operation at variable
switching frequency. Besides MPP-functionality, the control hardware was mainly constructed to
give maximum flexibility in the laboratory. In a next step it can be optimized for minimum cost,
e.g. using a microcontroller for safety functions and MPP, and replacing the CPLD by a variable
frequency oscillator.
7.2.2 Functionality
The electrical specifications from section 3.5.2 are set for different power levels at variable in-
put voltage and constant output voltage of Vdstr = 700V. Several exemplary operational points
are depicted in Figure 7.4 for the validation of being capable to operate in the operation region.
Different items are discussed below.
With these measurements the operation region is covered. At zero load even slightly higher op-
eration frequencies have to be applied compared to the low-load measurements in Figures 7.4(a),
7.4(c) and 7.4(e). Then the rectifier diodes never start conducting and vout becomes sinusoidal.
High-load operation points are limited by the border to the non-reachable area as defined in sec-
tion 4.3.3. At this limit a further reduction of switching frequency would result in capacitive
behavior of the resonant tank and thus, in hard switching since ZVS would be lost, see also ap-
pendix C.1. In the measurements as well as in the simulations this limit is given when the turn-off
current is too small to charge/discharge the capacitances and ringing in the pulsed voltage at the
(i)Higher efficient C0G ceramic capacitors could also be installed instead. However, the current stress of the capaci-
tance, and thus losses, are low. Within the laboratory experiments only film capacitances were available.
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Figure 7.4: Single-phase current and voltage waveforms (defined in Figure 4.7) for different op-
eration points @ Vdstr = 700V
switching instances comes up. In measurements it is seen that the critical point concerning the
given specifications is at low input voltages, see Figure 7.4(b). At higher input voltages, see Fig-
ures 7.4(d) and 7.4(f), an inductive behavior is visible even significantly above nominal power
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• The European efficiency, measured at vPV = 35V as defined for the exemplary module, is
optimized regarding the given specifications. Beyond that scope experiments were carried
out (by increasing Cp), not regarding the operation point 27.5V140W. Then the maximum
specified power at 35V was designed to the border of the non-reachable area or the border
of ZVS. An even higher efficiency compared to the gained efficiency presented below was
achieved
• The other way around, using the final design regarding the critical operation point 27.5V
140W from the specifications, the converter allows to transfer higher power at elevated input
voltages. At 35V the maximum power of 244W could be transferred, see Figure 4.8(c). At
40V input PV-voltage a power transfer of 410W is demonstrated in Figure 7.4(f), still show-
ing an inductive behavior of the resonant tank. However, a further reduction of frequency
or a further increase of power is limited by the maximum peak voltage of the dc-link capac-
itors Cin, i.e. 50V. Figure 7.4(f) shows peaks at the switching instants up to this voltage.
Transferred power is not limited due to thermal hot spots.
The capability of MPP tracking by frequency variation was demonstrated in the laboratory. The
microcontroller detects the small output dc-current on the high voltage side via a shunt resistor and
and performs MPP by maximizing output current. The controller itself is based on a hill climbing
algorithm with an increase or decrease command for frequency. The figures above only show the
capability of frequency variation. The theoretical basis for MPP-tracking capability by frequency
variation is presented in Figure 4.12.
The thermal specifications from section 3.5.2 are met for the depicted prototype and are expected
to be met in a housed converter easily. The hot spot of the whole converter was identified in the
transformer-inductor device with 38°C at STC operation, i.e. a temperature increase of ∆T =
16K in laboratory conditions of 22°C ambient. Experiments were carried out without any forced
cooling. ∆T = 20K are allowed by specifications at lower reduced transfered power of 120W,
see Figure 3.10. At STC even a ∆T > 60K is allowed. In the performance analysis below it is
even proposed to thermally insulate the magnetic device to operate the ferrite material in a more
efficient temperature range.
7.2.3 Performance
A major design goal defined in section 2.1.3 is achieving maximum efficiency, resulting both
in higher energy output as well as in reduced temperature levels being a prerequisite for a high
lifetime. After construction, the prototype converter was characterized also for efficiency by mea-
suring the dc-input and -output quantities of voltage and current.
For the measurement of high efficiencies a calorimeter should be used to directly measure the
dissipated heat to keep measurement error low. The measurement principle is based on temper-
ature increase of a defined air flow across the device under test (D.U.T.) and a reference heater.
A calorimeter, designed at ISEA for losses in the tens of watts up to the hundreds of watts, was
available to the author. However, this device was not suited for the given converter tests, since
accuracy could hardly be calibrated for the following reasons: On the one hand the correction
matrix, compensating heat losses through the walls of the calorimeter’s thermal chamber, led to
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significant absolute corrections. On the other hand, the air flow had to be designed very slow
to detect a reasonable temperature difference at the sensors. At slow air flows small mechanical
changes in the air flow channel, implemented to force air flow to pass the sensors directly, led to
determined D.U.T. loss variations in the watts range.
Total absolute losses are in the watts range as well. The ideal solution would be to design and
construct a smaller calorimeter adapted to the expected losses. Here, it is reasonable to measure
efficiency using direct electrical dc-measurements at the converters terminals. Accuracy of the
efficiency is derived from an error propagation calculation based on the sensor accuracy of the
used FLUKE 177 multimeter devices [47]. The results, are presented in Figure 7.5.
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Figure 7.5: Measurements for European efficiency of the single-phase prototype, normalized to
nominal power, control losses excluded
A European efficiency of 96.6 %, derived from the measurements form Figure 7.5, is demon-
strated. Taking control losses of 0.5 W (measured input power) into account, a total european
efficiency of
ηeuro = 96% (7.1)
including control losses is demonstrated. The characteristics especially show a high part-load
efficiency, leading to the high European efficiency defined in (2.4). Thus, the central goal of
high efficiency, also leading to reduced temperature levels and thus, to increased reliability, is
achieved well. The different loss mechanisms are qualified and discussed in deeper detail below.
For that purpose the loss distribution within the converter is simulated and presented for standard
test conditions in Figure 7.6.
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Figure 7.6: Simulated loss distribution @ STC (P= 167 W, Ploss,total = 3.8 W)
The large percentage of conduction-, especially copper losses at nominal power is wanted in the
design. The optimization of European efficiency especially regarding part load efficiency. Since
power directly scales with current in a first order approximation, losses are reduced significantly
at lower loads (∼ I2 and proximity effect). The effect is also observed in Figure 7.5.
Loss distribution was only simulated and not measured for the different devices, since the detailed
characterization of component efficiencies lead to practical measurement problems in the given
application. For example a common approach is to characterize the active MOSFET bridge by
taking an infrared picture of the bridge in a first step. In a second step all MOSFETs are perma-
nently turned-on (modification of drivers) and a defined dc-current is injected in the shorted bridge
to heat up the configuration to the same infrared image. Since the reference dc-power losses can
be measured precisely with a four-wire measurement, total MOSFET losses can be characterized.
However, thermal images cannot be compared in the given application. Since the gate losses,
localized in the drivers close to the MOSFETs themselves, are not included in the measurement,
and since these losses also heat up the board in the reference case with a power comparable to
conduction and turn-off losses, the thermal image cannot be evaluated. An alternative experiment
for characterization of the MOSFETs, i.e. detecting all currents and voltages of the device, is also
impossible to carry out due to the intended small geometric distances. Gate-, source- or drain-
currents cannot be measured in the optimized switching cell, see section 2.3.2.
Although efficiency measurements lead to good results, the simulated efficiencies do not perfectly
fit. For example at nominal power, derived from the efficiency characteristics, total losses should
show a value of total losses being 6.7W. Thus, the loss distribution from Figure 7.6 is only given
as a rough information. The simulation of too less losses is expected from the following items:
• Proximity losses are only simulated for a homogeneous increase of the magnetic field cor-
responding to Figure 5.11(a), not Figure 5.11(b). Due to the multiple-airgap geometry of
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the transformer-inductor device, this prerequisite is not fulfilled. However, a more detailed
proximity loss modeling is out of the scope of the thesis
• Core loss modeling could be carried out for the outer E-cores calculating flux density from
the terminals voltages. However, calculating losses of the applied ferrite sticks not showing
a homogeneous flux distribution made approximations necessary
• The model for MOSFET losses could not be verified by experiments, as indicated above.
E.g. on-state losses were modeled by the typical on-state resistance of 5.5mΩ. However, the
maximum resistance of 7mΩ indicated in the data sheet would lead to nearly 30% increase
of losses
• The loss model for the series resonant capacitor Cs is presented in section 2.3.3. However,
data sheet information just indicates maximum dissipation factor for an operation frequency
of 1kHz. A source of modeling error is also expected here
Different mechanisms were identified showing the potential to further increase efficiency.
• Steady state operation showed highest temperatures at the transformer-inductor device of
38°C. However, corresponding to data sheet information the ferrite 3C96 shows its maxi-
mum efficiency at about 100°C. Increasing efficiency was demonstrated in the lab by sim-
ply pointing with an hot air fan onto the magnetic device. It is proposed for a commercial
product to use this mechanism in the subsequent thermal design. In the housing the device
should be thermally isolated to operate as close to 100°C as possible, with the boundary
condition of being capable to operate in the whole operation region
• Figure 7.3 shows the laboratory prototype. The possible integration into a compact housing
leads to much shorter wires and thus, to minimized additional losses
• As indicated before the multiple-airgap geometry of the transformer inductor device should
be substituted by the distributed-airgap geometry, using a metal-powder composite.
• In the design of this device inductance levels should be increased to decrease operation
frequency to the target value derived in section 4.2
7.3 Discussion of Reliability and Economic Aspects
The proposed module-integrated converter together with the proposed system concept fulfills all
prerequisites for a commercial product. The argumentation for this conclusion is presented in
two steps. In the first step, reliability is discussed and it is argued that lifetime easily reaches
lifetime of modules. This important prerequisite for low costs, being maintenance free, leads to
the economic aspects, i.e. the second step. A higher energy yield, being strongly dependent on
shading geometry, is shown for different quantified examples. Further qualitative consideration
is also based on the overall energy yield. Costs are commented concerning micro- and macro-
economic aspects. The consideration is limited due to lack of detailed cost structure information
of mass products.
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Reliability
Reliability is considered in comparison to the previously cited publications [81] and [105]. As
stated in section 2.1.3, lifetime must be designed to be beyond the guaranteed high lifetime of
modules to avoid severe maintenance costs. E.g. more than 80% of nominal power after 20 years
of operation are guaranteed [112]. Meinhard identified electrolytic capacitors as the most critical
component concerning lifetime. Furthermore he proposed three aspects to enhance lifetime as
listed in section 2.1.3. In the proposed solution, no electrolytic capacitors are used. From the three
proposed aspects a low-profile design resulting in a good heat transfer is realized (max. 25mm).
Both other aspects, i.e. a good thermal conductivity to ambient and mounting the converter to the
module frame not to the backside lamination, are part of future work, whereas all prerequisites are
given with the proposed converter.
Rodriguez presented a single-phase module-integrated converter calculating lifetime using the
conservative Military Handbook [105]. A lifetime of 9.5 years of continuous operation was calcu-
lated with the statement that at only daytime operation lifetime may as well reach 20 years. Using
this number as a reference, here the converters are compared. Rodriguez proposed a 2.5 stage
topology comprising a series-resonant converter, a buck converter for grid current control and a
full-bridge operating at grid frequency. A film capacitor is used as energy buffer, allowing a ripple
of 125V at an average dc voltage of 475V. The proposed converter from this thesis shows
• a single-stage topology, showing a highly reduced component count
• no components being stressed at low frequencies, e.g. double grid frequency
• a resonant converter with comparable stress to the resonant converter of Rodriguez. How-
ever, since in the proposed solution there is no voltage swing at the dc-output of 125V, the
MPPT control of the resonant converter must not compensate this effect. A high MPPT
efficiency is expected using the proposed converter from this thesis
• a transformer-inductor device with limited main inductance. Due to the mandatory airgap in
the main flux path the mechanical stress between the ferrite cores can be kept low, leading to
reduced risk of cracks in the ferrite materials. In transformers with high magnetic coupling
(low stray coefficient), cores have to be mounted stiffly together
• a significantly minimized effort for control hardware in contrast to the 2.5 stage topology
controlling grid current. At minimum effort for control hardware, the proposed solution
shows all safety features as ac-cabling systems do. For example the DC/DC converter is
disabled in case dc-voltage is out of a specified range around 700V resulting in short circuit
capability of the dc-line
Reliability calculations are not carried out for the proposed converter in detail. Rodriguez carried
out these calculations based on the conservative military handbook, showing a sufficient lifetime
of his converter. However, comparing the series-parallel resonant SPRC converter proposed in
this thesis, with significantly less component count and component stress, a more than sufficient
lifetime is expected.
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Economic aspects
Economic aspects are first discussed to the extend of the overall energy output. There is a variety
of mechanisms, all leading to mismatching of the PV-generator. In case of mismatching especially
the module’s MPP currents differ from each other. In case of series connection to strings the
current is forced to one single value, thus mismatching losses occur, since only one effective
MPP can be tracked, showing a lower PV-generator power compared to the sum of MPPs of all
modules. In case of module-integrated converters, where each module is controlled to the MPP,
currents are independent. The different reasons for mismatching are illustrated in Figure 7.7
and listed below. Generally PV-systems with module-integrated converters show better tolerance
against mismatching (ηPVgen,localMPPT ≥ ηPVgen,string), see also Figure 2.3.
(a) covering (b) urban shading e.g. on facades
(c) relative orientation within modules
Figure 7.7: Different sources of mismatching
• Direct shading of parts of a photovoltaic array can be reasoned by snow, foliage or bird
excrements, see Figure 7.7(a), leading to mismatching of the modules. This kind of shading
is classified as non-avoidable random shading [96].
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• Direct shading of parts of a photovoltaic array can be reasoned by obstacles being mounted
in front of a PV-array, e.g. a pyranometer. This kind of shading is classified as avoidable
shading [96].
• Direct shading of parts of a photovoltaic array can be reasoned by obstacles in the surround-
ings of the PV-array. This could be trees or other houses in urban regions. An example for
shading is indicated in Figure 7.7(b). This kind of shading is classified as non-avoidable
shading [96].
• Further shading comes from soiling. Basically soiling does not lead to mismatching in case
all modules are affected evenly. However, mismatching occurs when soling is not evenly
distributed, reasoned by different local weather conditions, as given most often. Generally,
cleaning of PV modules reduces the shading losses significantly [96].
• Different orientations of modules lead to mismatching in case the modules are connected
in series, see Figure 7.7(c). Since the modules are exposed to different irradiations due
to different orientations, also V -I-characteristics differ. This effect is even more severe in
modern architectures with integrated PV on the different facades.
• Due to production tolerances the PV-panel’s V -I-characteristic might differ. Investigations
of TÜV Rheinland have been carried out, forming different strings consisting out of 16 PV-
panels, by choosing out of 112 PV-panels. It was found that there is a negligible efficiency
reduction when PV-panels are randomly selected compared to when PV-Panels are sorted
for MPP-current. Thus, mismatching does not influence the system efficiency severely [53].
However, aging is not considered in this analysis. In case the velocity of aging of the
modules differs, additional mismatching comes up again.
With all these given sources of mismatching, being strongly dependent on the concrete geometric
setup of the PV-generator, only the non-avoidable shading is analyzed in deeper detail.
In theoretical considerations maximum energy yield can be discussed. Two modules comprising
bypass diodes, being connected to two module-integrated converters or one string converter, are
considered in a thought experiment. Irradiations of 1000W/m2 and 500W/m2 are assumed. In the
module concept the sum of PV-power can be utilized (1500 · const), in the string concept lower
values come up with two lower MPPs. The relation of overall PV-power output is extreme when
in the string configuration both MPP’s from the effective V -I-characteristic show the same value
(1000 · const), i.e. either one module delivers the total power and the other is bypassed, or both
modules are producing power with the stronger irradiated module being significantly below MPP
current. Thus, for two modules an increase of 50% total energy yield is a maximum estimation
for two modules. This theoretical thought experiment can be extended to larger strings with very
high energy yields for the module-integrated concept as indicated. Other scenarios calculated by
ISET, based on other extreme shading conditions, lead to an energy yield of 12.5% or 28% for the
module-integrated concept [51].
In real PV-applications usually shading is not evenly distributed across one module, depending on
time of the day and time in the year shading differs locally on each module. To identify a typical
value for the overall energy yield the idea was to simulate a typical year for a PV-generator being
surrounded by typical obstacles in an urban area. However, a typical surroundings do not exist as
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a standard geometry (ii). Due to the high dependence on geometry only exemplary geometries can
be considered:
• [90]: Measurements on a 39.5kWp facade-integrated PV-system with central converter are
analyzed using the parameter of performance ratio (PR). The latter is directly proportional
to system efficiency defined in (2.3), only the constant efficiency of the module at STC is
included. Thus, the gap between the actual PR and 100% comes from converter losses,
mismatching (shading, different orientations, different aging, soiling) and cabling losses. In
1995 the measured PR was 61%, comprising 10% converter losses in this "older" system.
However, the remaining 29% losses come from mismatching, i.e. shading (15%), diffuse
irradiance variation (5%) soiling (3%) and others. This potential can partly be tapped using
module-integrated converters. However, also modules theirselves suffer for mismatching
within the module’s cells [132]. Another study on the same building identified a possible
increase of energy output by changing the electrical interconnection of 7.5% [49].
• [92]: Shading losses simulations depending on the electrical interconnection of the modules
were carried out at the RWTH Aachen Universities E.ON Energy Research Center. The
basic procedure consists of three steps:
– Calculation of the irradiation on each PV-module, depending on shading constraints
on a 30 minutes basis over one year
– Calculation of the time dependentV -I-characteristics of modules or strings or a central
system depending on time
– Calculation of the summarized energy output regarding converter efficiency and wiring
losses
Besides the goal of designing an optimized PV-system for the E.ON ERC building, some
realistic facade integrated PV-systems in urban streets are analyzed. The obstacles resulting
in shading are the houses on the opposite side of the street, as indicated in Figure 7.7(b).
Different realistic geometries of the street and their houses were modeled. The simulations
result in efficiency gains of 2% up to 6% comparing the module-integrated concept with the
string concept. For this comparison also optimized (horizontal) electrical interconnection
of strings were taken into account.
It is shown for different configurations, that module-integrated system concepts already show
higher energy outputs due to non-avoidable shading. A variety of additional reasons for mis-
matching are indicated above. Especially the question of mismatching in time (aging and uneven
soiling) are expected to play a significant role. Generally module-integrated system concepts are
tolerant to module mismatching. With the additional reasons for mismatching the energy yield is
expected to be higher.
From a commercial point of view costs have to be taken into consideration. Due to lack of detailed
cost structure information of mass products, the consideration does not include life-cycle costs of
a PV-system based on either string- or module-integrated system concept. However, with the
proposed system concept the following economically relevant advantages are realized:
(ii)After correspondence with an Aachen architect, also author of the already cited book [50].
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• In the above described concrete real examples, not the theoretical extreme ones, geometries
a higher overall energy output using module-integrated concepts are shown. E.g. this takes
additional 4% losses of the demonstrated module-integrated converter into account! The
overall output is even higher since in the exemplary calculation mismatching due to the
other mechanisms mentioned above is not regarded.
• In contrast to other module-integrated converter system concepts, e.g. the commercially
available product [41], the proposed concept reduces the critical effort at the modules to a
minimum while maintaining full flexibility and safety. Furthermore, the proposed system
concept shows two converter stages, most other module-integrated system concepts show
more (costs, reliability, efficiency).
• In the proposed system concept the central DC-AC converter does not include a transformer.
This yields in a potentially higher efficiency and reduced costs, see section 3.5.1.
• For the target lifetime of 20 years the system operates quasi maintenance free. Only cleaning
of the modules is necessary, as in all other PV-systems, too.
• Higher safety levels are realized compared to conventional string- or central-system con-
cepts with the capability of earthing the dc-wires.
• The system concept shows one central intelligent unit, while all MPPTs are quite simple.
For metering and other purposes one central unit is necessary anyway. This approach leads
to an overall low effort for control, since the MPPT control is minimum and does not need
computational power to e.g. perform grid current control.
Prerequisites for a commercial product, looking from a microeconomic point of view, are given, as
advantages over other commercial module-integrated products are presented. However, the more
relevant macroeconomic feasibility argumentation of the proposed converter concept is introduced
with a quotation:
"The main argument against renewable energies is often seen to be non-sufficiently economically
feasible. Most often only economic costs are concerned and macroeconomic / social costs are
neglected. Thus, the principle of internalization of external costs is of central importance for a
comparison of energy prices. The worldwide energy system will only develop in the direction of
sustainability, when energy prices - at least in the order of magnitude - mirror the ecological truth.
The methodical problems in the determination of external costs make clear that this consideration
cannot substitute a political discussion." [42]
As motivated in the introduction of this thesis, a sustainable energy supply is a prerequisite for
a livable world for our children. Since basically solar energy must contribute significantly the
renewable energy mix(iii), the expansion of photovoltaic energy production must proceed, espe-
cially in case more electricity will be needed due to increasing electric mobility. However, also
within the renewable energies, photovoltaics are costly in the microeconomic sense. But photo-
voltaics also show the highest average surface efficiencies in Germany of about 100 kWh/m2·a, e.g.
(iii)While the sum of sustainable potentials of wind, geothermal, bio and water energy cannot meet the worldwide
energy requirements, the sustainable potential of solar energy is entitled "infinite compared to human needs"
[129]
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compared to biomass (factor > 10) or wind (onshore factor ≈ 1..5) [111] [124]. For a future re-
newable energy mix the expansion of photovoltaics should be installed on already sealed surfaces.
The potential of sealed surfaces including facades, especially in urban areas, where the module-
integrated concept pays off, is tremendous. It must be tapped on a large scale. The proposed
converter concept is more than feasible in the macroeconomic sense.
7.4 Summary
A single-phase SPRC-LLCC converter prototype is demonstrated. The design is based on the afore
derived and presented design methods.
The single-phase transformer-inductor device was proposed with two geometries in section 5.2.
The best solution is expected from medium-µ metal-powder composite materials as distributed
airgap material. However, metal-powder composite materials were not available in the extreme
thin geometric aspect ratio due to brittleness and the analyzed ferrite-polymer compounds show a
severe loss behavior as figured out experimentally. A transformer-inductor device with multiple
airgaps is constructed, being the largest component in the overall setup with a maximum height of
22.5mm. Thus, mechanical integration can easily be carried out within the specifications.
The complete converter was characterized for electrical functionality. As expected from simula-
tions, transferred power is limited by the resonant tank due to the non-reachable area defined in
section 4.3.3, where the resonant tank becomes capacitive and ZVS would be lost. The critical de-
sign point is at low input voltages and corresponding maximum power of the specifications. From
the measurements a good design is proven, since the critical measured point equals the boundary
of the specified region. At higher input voltages of 40V the resonant tank allows to transfer more
power than specified. Power transfer of more than 400W was demonstrated, neither limited by
hot spots nor the resonant tank. Due to the 50V voltage rating of the dc-link input capacitances
and voltage spikes at the switching instances increasing power was not carried out further.
The converter was characterized for efficiency, especially at 35V where European efficiency is
defined for the exemplary chosen module. Including control ηeuro = 96% was demonstrated at a
maximum hot-spot temperature in the transformer device measured with ∆T = 16K under labora-
tory conditions. The discussion of component losses were carried out based on loss simulations,
since experiments suffered e.g. for not being able to measure currents in the MOSFET switching
cells. Potentials for efficiency improvements were derived, being increasing the magnetic core
temperature by thermal insulation (e.g. housing is sufficient), integration of the prototype in a
housing to minimize cable lengths, a transformer-inductor device with distributed airgap based on
metal-powder composites and reducing operation frequancy towards the target frequency.
Reliability is discussed. Compared to other works on module-integrated converters with sufficient
lifetime, a variety of advantages for the proposed solution could be listed.
The economic aspects first consider the energy yield compared to classical converter concepts in
case of mismatching. The pay off is significantly depending on the degree of mismatching. Taking
only shading by surrounding obstacles into considerations, different real, not extreme cases were
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found where module-integrated converters already pay off. Talking about costs, the proposed
converter and its system concept is considered more cost effective compared to e.g. a lately
proposed 2.5-stage converter with ac output. However, costs in the sense of microeconomics of
photovoltaics generally are high. It is concluded with a quotation, that first of all macroeconomic
costs should be considered and compared to other energy sources. Module-integrated solutions
are sustainable and can tap the surface potential of many sealed surfaces on a large scale.
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8 Summary and Conclusions
Photovoltaic energy conversion systems are available for a variety of different system concepts.
In this thesis it is concentrated on module-integrated concepts, showing higher robustness against
mismatching of the PV-generator, e.g. reasoned by partial shading.
Different module-integrated system concepts are reviewed and compared, partly with experimen-
tal results. The parallel module-integrated converter concept is identified as the most flexible,
safe and cost effective solution. It consists of modules with module-integrated DC-DC convert-
ers feeding into one DC-distribution line in parallel, making the system flexible and scalable for
arbitrary modules. Furthermore a central DC-AC converter feeds the power into the mains, con-
trolling the DC-link voltage within a specified range. With small variation of the DC-link voltage
a power line communication e.g. for line-frequency control could be implemented. As soon as the
DC-link voltage leaves the specified range, the module-integrated DC-DC converters are disabled,
resulting in earthing capability of the DC-distribution line and thus, in a safe system concept in
case of faults.
Since a central unit in modern PV-systems is necessary anyway, maximum functionality is inte-
grated into the central unit. A transformerless and thus, low-cost and high-efficient central DC-AC
grid connection is proposed. The effort at the modules is minimized as far as possible, since elec-
tronics at the modules are more costly by trend and are exposed to the harsh environment at high
lifetime requirements. Only safety functionality and maximum power point tracking capability
must be given, resulting in minimum effort for converter control, e.g. in contrast to most other
module-integrated concepts with AC output.
The choice of the multi-resonant or series-parallel resonant LLCC-type topology for the module-
integrated converter is qualified in a detailed literature review, regarding soft-switching of semi-
conductor devices, high part-load efficiency, minimum EMI and controllability. With the goal of
high converter efficiency, three major aspects are addressed in this thesis:
• Design of the resonant tank comprising five degrees of freedom
• Design of the transformer-inductor device
• Design and analysis of single- and three-phase DC-DC converter solutions
The five resonant tank elements are designed to minimum device stresses. In voltage-source con-
verters this basically means the minimization of rms-currents. In first estimations, comparing
single- and three-phase resonant converter stress, novel analytical expressions for device stresses
are found. Based on Dürbaum’s work on LLC-type resonant converters, a design procedure was
derived for LLCC-type resonant converters using the first harmonic approximation. The five de-
grees of freedom, i.e. the four passive resonant tank elements and the transformer-turns ratio, are
optimized after a parameter shift. Operation frequency and related parameters such as the relation
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of series- and parallel-inductance Ls/Lp are designed. E.g. it is shown that rms-currents decrease at
decreasing Ls/Lp, limited by converter operation capability at low load. Thus, a good design means
limiting the operation capability of the converter to the specifications. The design is finally carried
out by means of simulations, since first harmonic approximation is only an approximation. How-
ever, with the design procedure on how and in which direction to change the related parameters,
only a few numbers of simulations are necessary.
The transformer-inductor device basically comprises the three resonant tank elements Ls, Lp and
reff. To further aim at a high efficient device, the geometric setup - implementing both a defined
leakage path as well as a finite main inductance - is considered concerning different suited core
materials and their configurations as well as skin- and proximity losses. With the boundary con-
dition of a low-profile device, different geometry approaches are proposed for the single- and the
three-phase transformer-inductor device. A design procedure is derived based on the fact that the
design parameter Ls/Lp is only a function of material and geometry parameters, not on the number
of turns.
The three-phase LLCC-type resonant converter with voltage-source output is a novel topology to
the author’s knowledge. It is analyzed in detail concerning unbalance within the phases. Meth-
ods to identify, quantify and influence unbalance, resulting in zero-flux components, are derived.
Unbalance in the self-inductances and in the mutual inductances between primary and secondary
side are of major importance whereas unbalance between mutual inductances within the phases
cancel out to the degree of unbalance, being small compared to the self-inductances. Symmetry of
the proposed setup is not fully given, but another problem makes the converter unsuitable for the
given application. Due to the low power levels and the supposed advantage of snubbered diodes
operated in discontinuous conduction mode, diodes start switching twice a period. Since always
a minimum of two diodes have to be in the on-state and commutation times are too long, this
phenomena comes up. Thus, the resonant tank is loaded by the rectifier with a strong fifth and
seventh harmonic, being also given in the spectrum of the pulsed inverter voltage. A high har-
monic content in the resonant tank leads to reduced performance. Three-phase DC-DC converters
show their advantages of reduced component stress and less need for passives in other converter
designs, i.e. either in converters with current-source output, or in converters with a resonant
tank providing conduction angles > 120° (series-resonant converter, continuously higher-loaded
LLCC-converter) or in three-phase converters with active rectification.
The single-phase LLCC-type resonant converter, based on the afore derived and presented design
methods, is presented as final prototype. Mechanical and electrical specifications are met, with the
integration into a housing also thermal specifications are expected to be met easily. It is shown that
operation capability is limited at low input voltages to the specifications, at elevated input voltages
also a transferred power > 400W is demonstrated. The European efficiency including control is
ηeuro = 96%. Due to simpleness of the system concept compared to other solutions, reliability
is considered to be more than sufficient. The proposed converter concept shows advantages over
commercial products and is more than feasible in the macroeconomic sense.
9 Future Work
Many aspects were analyzed concerning the system concept using module-integrated converters
and especially on the multi-resonant LLCC-type resonant converter. Different measures are iden-
tified being worth further considerations. First, items are listed, already addressed in the thesis as
improvements of the proposed solution. Second, three major topics should be taken into future
considerations.
• For the implementation of the leakage path inside the transformer-inductor device metal-
powder composite materials should be applied. The more homogeneous field distribution
in comparison with multiple-airgap geometries avoids concentrated fields, being a major
reason for proximity losses. Besides efficiency improvements a height reduction is possible.
• The integration of the converter prototype into a housing allows shorter wires, again im-
proving efficiency. The housing should show a low total height to cool silicon devices as far
as possible. The thermal concept for the transformer-inductor device should comprise some
thermal isolation, since higher temperature levels of the magnetic core material improves
efficiency. The thermal isolation reduces the thermal time constant of the device as well,
such that daily thermal cycles show a reduced magnitude, being relevant for lifetime.
• A reduction of operation frequency towards the target frequency reduces gate losses. There-
fore, the value of passives in the resonant tank have to be increased correspondingly.
9.1 Enhanced Hybrid System Concept
The proposed parallel module-integrated system concepts feeds power into a DC-distribution line.
A hybrid system configuration with classical string or central PV-generator and converter can be
extended by a number of PV-modules with integrated MPPTs in the presented topology, feeding
their power into the variable-voltage DC-distribution as indicated in Figure 9.1.
With such a configuration surfaces suffering for uneven shading resulting in mismatching can be
optimized by selective use of module-integrated converters. Thus, the total system is more robust
against partial shading on the selected surfaces, being more cost effective by trend since parts
of the electronics are avoided. However, PV-generator’s robustness against mismatching due to
soiling, uneven aging etc. is not given. Furthermore, the safety level of the system is again reduced
to the safety level of classical string or central systems.
The maximum power point tracking functionality of the central unit has to be adapted. On the one
hand MPP-voltage of the DC-distribution line is not changed. On the other hand, a voltage scan to
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Figure 9.1: Hybrid system concept
identify MPPmight be decelerated to establish constant maximum power of the module-integrated
units within the scan.
The design of the DC-DC converter has to be carried out for variable output voltage. MPP-
voltage is basically a function of cell temperature. Basically ambient temperature and irradiation
influence cell temperature. Since ambient temperature is be assumed to behave simultaneous for
all cells, a stiffer ratio between input and output voltage of the module-integrated converter is
expected, a potential to further optimize the resonant tank. Since such effects strongly depend on
local geometries again, a commercial mass product would be designed for more generals cases of
different defined voltage windows.
9.2 Modulation Schemes of the Inverter Bridge
The single-phase full-bridge inverter was operated in this thesis with 180° phase shift and 50%
duty cyle at variable operation frequency as control parameter. Two degrees of freedom can be
taken into account, i.e. a pulse-width modulation of the input bridge and a variable phase shift
between the inverter legs resulting in zero voltage states at the resonant tank’s input terminals.
It was concluded before that rms-currents in the resonant tank and thus, component stress, is
minimized when designing the converter operation capability just to the specified operation region.
With more degrees of freedom the related resonant tank elements could be chosen more extremely.
As a consequence, especially in the low-load case zero-voltage states at the resonant tank seem
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very advantageous. Within the design always the boundary conditions of e.g. maintaining soft
switching must be regarded.
9.3 Power Transfer via Higher Harmonics
In the three-phase converter harmonics became highly visible. Both the voltage-source inverter
and the rectifier show high 5th and 7th harmonic contents, resulting in high currents of 5th and 7th
harmonic, see Figure 6.4, Table 6.1, Figure 6.6 and Figure 6.7. This basically means a relatively
high power transfer via these harmonics.
At the same time minimum apparent power in the resonant tank should be designed to keep device
stresses low, see section 4.3.1. Since in the pulsed voltage-source converters the voltage spectrum
is basically given, current spectrum could be designed to minimum rms-currents, also consisting
of several harmonics. Hence, distortion power at higher harmonics is reduced, instead power is
transferred at higher harmonics such that also current at fundamental component is reduced. This
mechanism also applies to single-phase converters, e.g. with a significant 3rd current harmonic.
The potential of rms-current reduction is qualified by the idealized equations for a series-resonant
converter in appendix D. It is shown for a single-phase series-resonant converter with a transferred
power P, that total rms-current can be reduced by 10% when using a 3rd harmonic. This means an
on-state loss reduction by nearly 20%.
In the thesis this potential is tapped by the simulations, based on exact calculations of the wave-
forms. For the single-phase case no power transfer via harmonics is suitable for this converter.
Since the frequency variation, for controlling the series-parallel LLCC-type resonant converter,
also leads to worse operation conditions in several operation points, power transfer via higher
harmonics is not suitable for the given application. However, for other applications this potential
should be considered, further investigations must be carried out. For that purpose the approach of
the First and Higher Harmonic Approximation (FaHHA), as proposed in appendix D, should be
perpetuated.
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A Nomenclature
A.1 Symbols
Symbol Unit Meaning
a m geometric distance
b m geometric distance
d,di m geometric distances
ei m geometric distances
f Hz frequency, operation frequency
fs Hz series resonant frequency
fres Hz resonant frequency
h,hi m geometric height (of i, defined by context)
i A current as a function of time
l A vector of currents
iac A ac current as a function of time
iC A capacitor current
ich,id,idiode A MOSFET channel, drain and body diode current
iin A resonant-tank input current as a function of time
iout A resonant-tank output current as a function of time
k,kconst − arbitrary constant, unit depending on context
kc Ws/T2m3 Steinmetz parameter
l m path tracing the surface area A
p W transferred power as a function of time
pcore W/m3 local magnetic core losses
r − transformer-turns ratio Npri/Nsec
reff − effective transformer-turns ratio
t s time
v V voltage as a function of time
vac V transient inverter ac-voltage
v1S,v2S,v3S V star point voltages as a function of time
vin V resonant-tank input voltage as a function of time
vind V induced voltage
vout V resonant-tank output voltage as a function of time
vPV V photovoltaic voltage as a function of time
vPV,STC V photovoltaic voltage at STC conditions as a function of time
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156 A.1 Symbols
Symbol Unit Meaning
vp V peak voltage
vrec,1 V rectifier voltage of phase 1 as a function of time
vSN V voltage between star point and neutral point as a function of
time
vtr V transformer input voltage as a function of time
w m effective copper width
wslot m width of copper window
x ∈ {1,3} number of phases, i.e. single-phase or three-phase
xf − parameter defined for copper loss calculations
A m2 surface area vector
Acore m2 core cross sectional area
AL H reciprocal of magnetic reluctance, known as AL-value
B T flux density vector
Bp T peak flux density
Bpp,nom T nominal peak-to-peak flux density
kBpp,non−nom T non-nominal peak-to-peak flux density of the k-th harmonic
Cdc F dc-link capacitance
Cgate F gate capacitance
Cgd,Cds,Cgs,Coss, F MOSFET gate-drain, drain-source, gate-source, output ca-
pacitances
Cin F input dc-link capacitance
Cmultilayer,Csinglelayer F winding capacitances
Clay2lay F winding layer capacitance
Cstandard,Cflyback F winding capacitances
Cout F output dc-link capacitance
Cp F parallel capacitance
Cpri,σ F transformer primary winding capacitance
Cpri,sec F transformer coupling capacitance
Cp,diode F parallel diode capacitance
Cp,trafo F parallel transformer capacitance
Cs F series capacitance
Csec,σ F transformer secondary winding capacitance
H A/m magnetic field strength vector
I, Irms A current (rms-value)
Iin A resonant-tank input current (rms-value)
Iout A resonant-tank output current (rms-value)
Isi A silicon current (rms-value)
Isi,avg A silicon current (average value)
IC A capacitor’s current (rms-value)
J A/m2 current density vector
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Symbol Unit Meaning
L H matrix of coupling inductances, i.e. self- and mutual induc-
tances
Ldc H dc inductance
Lh H transformer main inductance, referred to primary side
Lp H parallel inductance
Lpri,σ H transformer primary side stray inductance
Ls H series inductance
Lsec,σ H transformer secondary side stray inductance
L
′
sec,σ H transformer secondary side stray inductance, transferred to
primary side
Mi,j H mutual inductance between coil i and j
N,Ni − number of turns (of coil i)
Ncap − number of capacitor’s
P W power
PAC,PAC,tot W (total) ac power
Pcond W conduction losses
Pcore W core losses
Pcu,ac W ac copper losses
Pcu,dc W dc copper losses
Pgate W gate losses
PPV W photovoltaic generator’s power
Prectifier W rectifier losses
PSol W solar power
Pturn−off W turn-off losses
PF HzT performance factor of magnetic materials
QC C charge ripple to be buffered in dc-link capacitance
Qg, Qgate C gate charge
Req,C Ω equivalent capacitor’s resistance
Rds Ω MOSFET on-state resistance
Rds,half/full/three Ω MOSFET resistance for half-, full- or three-leg bridge
Rm,Rm,i A/Vs reluctance, magnetic resistance (of i defined by context)
Rref Ω reference resistance
T s time of one period
T,Ti °C temperature (of i, defined by context)
Vdc V dc-link voltage
Vdc,pp V peak-to-peak ripple of dc-link voltage
Vdstr V distribution-line voltage
Vfwd V forward voltage drop
Vgate V gate voltage
Vgs,max V gate-source voltage
Vin V resonant-tank input voltage (rms-value)
Vout V resonant-tank output voltage (rms-value)
158 A.1 Symbols
Symbol Unit Meaning
Vtr V transformer input voltage (rms-value)
Vvol 1/m3 volume
Vvol,core 1/m3 magnetic core volume
WC J energy buffered in dc-link capacitor
Wstored J energy stored in magnetic field
X Ω reactance
Z Ω impedance
α − Steinmetz parameter
β − Steinmetz parameter
δ m skin depth
η − efficiency
ηconv − converter efficiency
ηeuro − European Efficiency
ηpeak − peak efficiency
ηPVgen − photovoltaic (PV) generator efficiency
µ Vs/Am magnetic permeability
µ0 Vs/Am magnetic constant
µr,i − relative permeability (of i defined by context)
σ 1/Ωm electrical conductivity
ω 1/s angular frequency
ωgrid 1/s grid frequency
ωp 1/s parallel resonant frequency
ωs 1/s series resonant frequency
φdc+skin − function to describe copper losses (DC and skin)
ψprox − function to describe copper losses (proximity)
Φ Wb= Vs magnetic flux
Φh Wb= Vs main flux
Φ0 Wb= Vs zero flux
Φph1 Wb= Vs main shaft flux of phase 1
ΦSC Wb= Vs short-circuit flux
Φσ Wb= Vs leakage flux
Ψ Wb= Vs magnetic flux linkage
tanδ − magnetic loss factor
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A.2 Abbreviations
Abbreviation Meaning
D Diode
eFHA extended First Harmonic Approximation
FEM Finite Element Method
FHA First Harmonic Approximation
IGSE Improved Generalized Steinmetz Equation
ISEA Institut für Stromrichtertechnik und Elektrische Antriebe
LLCC resonant tank consisting of two inductors and two capacitors character-
izing the converter
MPP Maximum Power Point
MPPT both - Maximum Power Point Tracker - and - Maximum Power Point
Tracking
MOS Metal Oxiode Semiconductor
MOSFET Metal Oxiode Semiconductor Field Effect Transistor
PV Photovoltaic
SPA State Plane Analysis
STC Standard test conditions
T Transistor
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B Three-phase magnetics calculations
B.1 Derivation of the Single-phase Equivalent Circuit of a
Three-phase Transformer
Since the system in balanced, the flux-linkage equations for Ψ1 and Ψ4 can be used to extract a
single-phase equivalent circuit for the three-phase system. The three-phase system can be con-
verted to a single-phase equivalent circuit without changing the inductance values.
Ψ1 = Lself,pri · i1+M1,2 · i2+M1,2 · i3+Mpri,sec · i4+M1,5 · i5+M1,5 · i6 (B.1)
Ψ4 = Mpri,sec · i1+M1,5 · i2+M1,5 · i3+Lself,sec · i4+M4,5 · i5+M4,5 · i6 (B.2)
The equations for Ψ1 and Ψ4 can be reduced due to balanced currents to:
Ψ1 = Lself,pri · i1−M1,2 · i1+Mpri,sec · i4−M1,5 · i4 (B.3)
Ψ1 =
(
Lself,pri−M1,2
) · i1+ (Mpri,sec−M1,5) · i4 (B.4)
Ψ4 = Lpri,sec · i1−M15 · i1+Lself,sec · i4−M4,5 · i4 (B.5)
Ψ4 =
(
Mpri,sec−M1,5
) · i1+ (Lself,sec−M4,5) · i4 (B.6)
a= Lself,pri−M1,2 (B.7)
b=Mpri,sec−M1,5 (B.8)
c= Lself,sec−M4,5 (B.9)
Ψ1 = a · i1+b · i4 (B.10)
Ψ4 = b · i1+ c · i4 (B.11)
This equation set can further be modified with the following equations:
Ψ4 · r =Ψ′4 (B.12)
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i4 = i
′
4 · r (B.13)
u4 · r = u′4 (B.14)
Input and output power of the ideal transformer is identical:
P= u4 · i4 = P′ = u′4 · i
′
4 (B.15)
Ψ1 = a · i1+ r ·b · i4r (B.16)
r ·Ψ4 = r ·b · i1+ r2 · c · i4r (B.17)
Ψ1 = a · i1+ r ·b · i′4+(r ·b · i1− r ·b · i1) (B.18)
Ψ
′
4 = r ·b · i1+ r2 · c · i
′
4+(r ·b · i
′
4− r ·b · i
′
4) (B.19)
Ψ1 = (a− r ·b) · i1+ r ·b(i1+ i′4) (B.20)
Ψ
′
4 = (r
2 · c− r ·b) · i′4+ r ·b(i1+ i
′
4) (B.21)
u1 =
dΨ1
dt
(B.22)
u4 =
dΨ4
dt
(B.23)
u1 = (a− r ·b) · di1dt + r ·b(
di1
dt
+
di
′
4
dt
) (B.24)
u
′
4 = (r
2 · c− r ·b) · i′4+ r ·b(
di1
dt
+
di
′
4
dt
) (B.25)
From these equations, the following three-phase equivalent circuit elements, the nomenclature
corresponding to Figure 2.12 can be obtained:
Lpri,σ = (a−b · r) = (Lself,pri−M1,2)− r · (Mpri,sec−M1,5) (B.26)
Lh = r ·b= r · (Mpri,sec−M1,5) (B.27)
L
′
sec,σ = (c · r2−b · r) = (Lself,sec−M4,5) · r2− r · (Mpri,sec−M1,5) (B.28)
Lsec,σ =
1
r2
L
′
sec,σ (B.29)
C Supplement to SPRC design
C.1 Implementation of designing resonant tank
parameters using FHA
The concrete implementation of designing Ls/Lp and Ls/Cs as a function of ωs/ωp and reff close to the
non-reachable area is presented here. The motivation and introduction to this section is found in
section 4.3.3
A minimum of Ls/Lp is found by the boundary condition of being capable to operate at P= 0W and
maximum input voltage. Figure 4.11 claims, that the operation frequency has to be increased up to
the (local) minimum voltage conversion gain of P= 0W, being derived from (4.13) atω =√ωsωp.
The factor k = 1.2 is introduced analog to [38] to ensure a safe operation at no load.
Ls
Lp
∣∣∣∣
min
=
k · Vin,maxreffVout −1(
1− ωsωp
)2 (C.1)
The maximum Ls/Cs is identified by a numerically solved procedure for each minimum parameter
Ls/Lp as follows. The related critical frequency ωcrit/ωs is defined as the resonant tank natural fre-
quency, where the voltage gain in Figure 4.11 is maximum (with ω < ωs). It is determined as a
function of reff, ωs/ωp and a newly introduced number Q := P2 · Ls/Cs, being varied. Subsequently
the directly linked minimum input voltage Vin,crit from Figure 4.11 is derived as a function of reff,
ωs/ωp and Q. Again, to ensure a safe ZVS operation at high load, a 5% voltage margin is added
on Vin,crit. Each entry in this three dimensional matrix, i.e. the critical minimum input voltages
Vin,crit depending on reff, Q, ωs/ωp, is linked via the high load specifications from the upper bound-
ary of the operation region in Figure 3.9, to a maximum transferred power. Thus, the maximum
possible Ls/Cs is given by Q/P2 as a function of reff, ωs/ωp and Q. However, the dependence of Ls/Cs
on the newly introduced number Q must be degraded. Thus, for an overall maximum Ls/Cs only
depending on reff and ωs/ωp, the minimum of all entrys for Q is found.
This procedure is analogue to the work of Dürbaum for LLC-type converters. It is extended to
LLCC-type converters and to the special input specifications of PV applications. In contrast to
most other applications, full power has not to be delivered at low input voltage. Thus, the converter
can be designed closer to the non-reachable area from Figure 4.13 for more operation points at
the same time. This is regarded as a major advantage of this load resonant converter for PV
applications.
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C.2 Three-phase SPRC design using FHA
In the thesis the design is presented detailed for the single-phase SPRC in section 4.3. The corre-
sponding figures for the three-phase design are given here.
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Figure C.1: Resonant current Iin in A (clamped to 8A) at the operation point P= 167W, vPV =
35V and reff = 0.055 (three-phase SPRC)
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Figure C.2: Stress quantities as a function of ωsωp and reff at P = 167W, vPV = 35V (three-phase
SPRC)
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Figure C.3: FHA design of Cp visualizing the limits of operation frequency due to parasitic ca-
pacitances (three-phase SPRC)
C.3 Numerical three-phase SPRC design
The results of the numerical optimization procedure presented here are the three-phase counterpart
to the results presented in Table 4.4
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C
.3
N
um
ericalthree-phase
SPR
C
design
ωs/ωp
0.1 LsLp > 3⇒ not simulated
Ls
Lp
= 2.2 LsLp = 1.9
Ls
Lp
= 1.0 LsLp = 0.8
Ls
Lp
= 0.5 LsLp = 0.6
Ls
Cs
= 40H/F LsCs = 40
H/F LsCs = 25
H/F LsCs = 20
H/F LsCs = 10
H/F LsCs = 20
H/F
Iin = 4.7A Iin = 5.36A Iin = 5.1A
0.3 LsLp = 2.8
Ls
Lp
= 1.6 LsLp = 1.1
Ls
Lp
= 0.4 LsLp = 0.2
Ls
Lp
= 0.2 LsLp = 0.2
Ls
Cs
= 45H/F LsCs = 30
H/F LsCs = 25
H/F LsCs = 5
H/F LsCs = 5
H/F LsCs = 5
H/F LsCs = 5
H/F
Iin = 3.76A Iin = 3.13A Iin = 3.58A Iin = 4.28A
0.5 not simulated LsLp = 3.0
Ls
Lp
= 1.6 LsLp = 0.7
Ls
Lp
= 0.3 LsLp = 0.08
Ls
Lp
= 0.04
Ls
Cs
= 65H/F LsCs = 30
H/F LsCs = 10
H/F LsCs = 5
H/F LsCs = 1
H/F LsCs = 1
H/F
Iin = 3.77A Iin = 3.37A Iin = 4.36A Iin = 3.76A
0.7 not simulated not simulated LsLp > 3⇒ not simulated
Ls
Lp
= 1.6 LsLp = 0.19
Ls
Lp
= 0.03 LsLp = 0.02
Ls
Cs
= 35H/F LsCs = 4
H/F LsCs = 0.5
H/F LsCs < 0.1
H/F
Iin = 3.28A Iin = 2.8A Iin = 3.71A
0.9 not simulated not simulated not simulated LsLp > 3⇒ not simulated
Ls
Lp
= 0.2 LsLp = 0.02
Ls
Lp
= 0.01
Ls
Cs
= 1H/F LsCs = 0.5
H/F LsCs < 0.1
H/F
Iin = 4.92A Iin = 3.21A
reff 0.03 0.04 0.05 0.06 0.07 0.08 0.09
Table C.1: Results of the numerical optimization procedure for the three-phase converter
D Power Transfer via Higher Harmonics in the
Series-Resonant Converter
Motivated from the power transfer via 5th and 7th harmonic in the three-phase SPRC a brief anal-
ysis is carried out, since total apparent power, i.e. total rms-current in voltage-source converters,
should be reduced, see section 4.3.1.
For an estimation of the potential of reduced rms-current the easier to describe series-resonant
converter, i.e. one of the load-resonant converters from section 4.1.2, is chosen for analysis. The
converter description is carried out using only sinusoidal quantities, the below proposed First and
Higher Harmonic Approximation (FaHHA) is applied.
D.1 First and Higher Harmonic Approximation (FaHHA)
Each converter with voltage-source input and output shows fixed inverter and rectifier pulsed
voltage waveforms. These are described by their harmonic contents kvinv,
kvrec both for single-
phase and three-phase converters, with the difference kvtank across the resonant tank. The resonant
tank itself shows a frequency dependent impedance kZtank yielding in resonant tank currents with
kvtank =
k Ztank ·k itank. The set of active and apparent power is modeled in this consideration by the
following set of equations, with M being the number of phases:
P =
1
2
M
kmax
∑
k=1
ℜ
{
kvtank ·k i∗tank
}
(D.1)
S = M
kmax
∑
k=1
kVtank ·k Itank (D.2)
kx : complex peak values (D.3)
kX : rms values (D.4)
Basically this description is an exact analysis for kmax = ∞. Since for the calculations only the
significant components are regarded , e.g. kmax = 7, FaHHA is still an approximation.
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D.2 Description of the Series-Resonant Converter using
FaHHA
The discussed voltage-source series-resonant converter, i.e. one of the load-resonant converters
from section 4.1.2, is discussed for the following case:
• In the single-phase equivalent circuit the resonant tank consists of Cs, Ls and the equivalent
resistance R, corresponding to the description in [58]
• Inverter and rectifier are switching exactly at resonant frequency
• Inverter and rectifier are switching simultaneously, thus kvinv,
kvrec and
kvtank are in phase
and considered to only show real components kvinv, kvrec and kvtank
The description of the voltage system is analog to [58]. The voltage-source input and output are
given by Vdc,in and Vdc,out. In case there is a transformer being included and modeled by its series
inductance, then the output voltage Vdc,out must be referred to the primary side. The harmonic
content (peak values) across the resonant tank given by:
kvtank =
2(Vdc,in−Vdc,out)
k ·pi (D.5)
for k = 1,3,5,7,9,... (D.6)
However, e.g. in case of aM-phase converter the multiples ofM are also canceled out n·Mvtank = 0
[58]. The single-phase equivalent circuit of the resonant tank shows the frequency dependent
impedance Ztank or kZtank respectively:
ω0 =
1√
LsCs
(D.7)
Z0 =
√
Ls
Cs
(D.8)
Ztank = j Z0
(
ω
ω0
− ω0
ω
)
+R (D.9)
kZtank = j Z0
(
k− 1
k
)
+R (D.10)
This results in the currents through the resonant tank determined by:
kitank =
1 vtank
k ·R− j Z0(k2−1)
k2 ·R2+Z20(k2−1)2
(D.11)
For a power transfer via the harmonics phase shift must be minimized, harmonic current leading
to reactive power at increased frequency does not help. At constant resonant frequency there is
the degree of freedom to design Z0 to a small value, also leading to a smaller quality factor in the
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resonant tank, but still to sinusoidal currents. The transferred power is derived from the FaHHA
from (D.1):
kP =
1
2
kvtankℜ
{
ki∗tank
}
(D.12)
=
2
pi2
Vdc,in(Vdc,in−Vdc,out) 1k
1
k ·R+ Z20R
(
k3−2k+ 1k
) (D.13)
This equation, being valid for single- and three-phase converters, is calculated for the fundamental
and the 3rd harmonic of the single-phase series-resonant converter:
1P + 3P=
2
pi2
Vdc,in(Vdc,in−Vdc,out) 1R
1+ 13
3+21.33
(
Z0
R
)2
 (D.14)
Depending on the design of design Z0, power transfer is calculated for the theoretical impossible
cases Z0,1+3 → 0 (fundamental and 3rd component considered) and Z0,1 → ∞ (only fundamental
component), as given in Table D.1.
Z0,1→ ∞ Z0,1+3→ 0
1P + 3P 2pi2 Vdc,in(Vdc,in−Vdc,out,1) 1R 2pi2 Vdc,in(Vdc,in−Vdc,out,1+3) 1R 109
1itank 2pi (Vdc,in−Vdc,out,1) 1R 2pi (Vdc,in−Vdc,out,1+3) 1R
3itank 0 2pi (Vdc,in−Vdc,out,1+3) 19R
Itank
√
2
pi (Vdc,in−Vdc,out,1) 1R
√
2
pi (Vdc,in−Vdc,out,1+3) 1R
√
82
81
Table D.1: Exemplary calculation of power transfer via fundamental component vs. additional
third harmonic component for single-phase series-resonant converter
For both considerations the comparison is carried out at constant power to be transferred, yielding
also in different output voltage Vdc,out,1 and Vdc,out,1+3 as indicated in the table. Thus, for constant
input voltage one can derive:
P1+3
P1
=
Vdc,in−Vdc,out,1+3
Vdc,in−Vdc,out,1
10
9
!= 1 (D.15)
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Calculating the interesting relation of rms-currents for that case, a 10% reduction of rms current
is calculated when using the third harmonic for power transfer:
I1+3
I1
=
Vdc,in−Vdc,out,1+3
Vdc,in−Vdc,out,1
√
82
81
(D.16)
=
9
10
√
82
81
(D.17)
=
√
82
100
(D.18)
In this first calculation a number of assumptions are made. However, a large potential for ef-
ficiency improvement is identified, such that further investigations are motivated. Operation at
reduced quality factor of the circuit has to be considered, also in conjunction with not switching
at resonant frequency for achieving zero-voltage switching.
E Deutsche Zusammenfassung (German
Summary)
Multi-resonante modulintegrierte Photovoltaikkonverter
Kapitel 1: Motivation, Zielsetzungen
Ein fundamentalerWechsel in der traditionellen Primärenergieversorgung weg von fossilen Brenn-
stoffen hin zu Erneuerbaren Energien ist notwendig. Nur so kann eine nachhaltige lebenswerte
Zukunft für die Menschheit in Bezug auf eine saubere Umwelt und einen weltweiten einfachen
und kostengünstigen Zugang zu Energie gewährleistet werden.
Um den weltweit wachsenden Energiebedarf zu decken, besteht die nicht nachhaltige Alternative
in den nächsten Jahrzehnten darin, weiter fossile Brennstoffe zu nutzen. Dabei trägt der Anteil
der Kohle den wesentlichen Beitrag. Die Konsequenz sind steigende Energiekosten durch die
langsame aber stetige Verknappung der Brennstoffe sowie massive CO2 Emissionen. Das Intergo-
vernmental Panel on Climate Change (IPCC) stellte den Zusammenhang zwischen Treibhausga-
semissionen und Klimawandel fest. Erneuerbare Energien haben das Potenzial, den wachsenden
Energiebedarf bei Vermeidung von Treibhausgasen komplett zu decken und dabei den Klima-
wandel zu stoppen. Rein energetisch betrachtet kann zum Beispiel der heutige elektrische Ener-
giebedarf Deutschlands auf einer Fläche von ca. 1,5% Deutschlands mittels erprobter, sauberer
und recyclebarer Photovoltaik (PV) gedeckt werden. Das oft genannte Gegenargument der Kosten
muss dabei unter makroökonomischen Gesichtspunkten bewertet werden, denn insbesondere bei
nicht-erneuerbaren Energien werden gesamtwirtschaftliche und soziale Folgekosten meist nicht
mitgerechnet. Die Enquete Kommission des Deutschen Bundestages 2002 betont: "Das weltweite
Energiesystem wird sich nur dann in Richtung Nachhaltigkeit entwickeln, wenn die Energiepreise
zunehmend mehr, zumindest in der Dimension, die ökologische Wahrheit abbilden."
Diese Arbeit leistet einen Beitrag zum Ausbau regenerativer Energien, was als eine der wesentli-
chen Aufgaben aus der Motivation abgeleitet werden kann. Da PV mit modulintegrierten Wand-
lern schattentolerant ist, wird das Flächenpotenzial für PV signifikant vergrößert. Im Fokus stehen
dabei bereits versiegelte Flächen wie Fassaden, Dächer oder Verkehrsflächen.
Im Rahmen dieser Arbeit werden unterschiedliche Systemkonzepte von modulintegrierter Pho-
tovoltaik betrachtet, darunter auch neuartige Konzepte. Das parallele modulintegrierte Konzept
wird als flexibelstes, sicherstes und kostengünstigstes Konzept identifiziert. Es besteht aus Modu-
len mit modulintegrierten DC-DCWandlern, welche die PV-Leistung bei einem Spannungsniveau
von einigen zehn Volt in die DC-Verteilungsleitung, mit einem Spannungsniveau in den oberen
hundert Volt, einspeisen. Ein zentraler Netzwechselrichter regelt die DC-Verteilspannung auf ein
171
172
konstantes Niveau, so dass der DC-DC Wandler zugleich als Leistungsregler für das Solarmodul
arbeiten kann.
Die kritische Komponente, welche den harten Umgebungsbedingungen am Modul ausgesetzt ist,
ist der modulintegrierte DC-DCWandler selbst, welcher im Rahmen der Arbeit im Detail beleuch-
tet wird. Ein multi-resonanter Aufbau des Wandlers wurde als die am besten geeignete Topologie
identifiziert. Der LLCC-Wandler weist vier passive Komponenten im Resonanzkreis auf. Zusam-
men mit dem Hochfrequenztransformator-Übersetzungsverhältnis liegen fünf Freiheitsgrade zum
Design des Wandlers vor. Unter der Randbedingung hoher Konvertereffizienz werden drei wesent-
liche Aspekte des Wandlerdesigns im Rahmen dieser Arbeit im Detail untersucht:
• Design der fünf Freiheitsgrade im Resonanzkreis
• Design des Transformator-Induktor Bauteils
• Design und Analyse von einphasigen und dreiphasigen multi-resonanten Wandlerlösungen
Kapitel 2: Grundlagen
In drei Abschnitten werden die Grundlagen für diese Arbeit gelegt.
Einzelne Solarzellen weisen bei Bestrahlung ein ausgeprägtes Leistungsmaximum in Abhängig-
keit der Klemmenspannung auf, welches auch in großen PV-Generatoren sichtbar wird. Ein leis-
tungselektronischer Wandler arbeitet als Regler und hält den Arbeitspunkt genau im Punkt ma-
ximaler Leistung. Dieser Leistungsregler kann auf unterschiedliche Weise implementiert werden.
Modulintegrierte Wandlerlösungen bilden eine spezielle Form. Während modulintegrierte Wand-
ler kleine PV-Generatoren im 100W Bereich regeln, so zeigen die heute weit verbreiteten Sys-
teme mit Zentral- oder Stringwechselrichter Leistungen bis zu 630kW. Heutige modulintegrierte
Wandler sind meist als einphasige AC-Module ausgeführt. Aufgrund der pulsierenden Netzleis-
tung müssen daher "großeËnergiespeicher implementiert sein, meist ausgeführt als Elektrolytkon-
densator. Auf dieser Literaturbasis lassen sich wesentliche Designziele ableiten, welche in der
Arbeit Berücksichtigung finden. Darunter fallen neben der hohen Effizienz insbesondere eine ho-
he Lebensdauer und ein flacher Aufbau, so dass die Integration der PV an einer Fassade nicht
durch den Wandler selbst behindert wird.
Für die detaillierte Analyse von mehrphasigen Transformator-Induktor Bauteilen werden magne-
tische Grundlagen behandelt. Mit einführenden Definitionen zu Begrifflichkeiten wird der Über-
gang geschaffen zur Matrix von Koppelinduktivitäten zwischen vielen Wicklungen auf einer ma-
gnetischen Kerngeometrie. Ausgehend von dieser Matrix wird das einphasige, nicht physikalische,
L-Ersatzschaltbild für das Transformator-Induktor Bauteil hergeleitet. Bei dem Design magneti-
scher Komponenten, sei es auf Basis eines Reluktanzmodells oder auf Basis von FEM Simulatio-
nen, liegen immer die Matrix von Koppelinduktivitäten als Ergebnis vor. Für die Auslegung des
Resonanzkreises jedoch ist das Ersatzschaltbild mit konzentrierten Elementen relevant. Weiter-
hin wird eingegangen auf die Charakterisierungsprozedur von magnetischen Strukturen sowie auf
parasitäre Kapazitäten.
Als Ausgangspunkt für viele Designschritte wird die Wandlerdesign-Prozedur für die gegebe-
ne Anwendung vorgestellt. Dabei ist insbesondere die Minimierung von Blindleistung innerhalb
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von Resonanzkreisen bei gleichbleibender Funktionalität ein zentraler Punkt, um den Komponen-
tenstress, die Ursache aller Verluste, zu minimieren. Bei der Simulation einesWandlers werden die
simulierten Kurvenformen genutzt, um mit meist nichtlinearen Verlustmodellen den Wirkungs-
grad abzuschätzen. Weiterhin werden Schaltungsoptimierungen bei Nutzung von Keramikkon-
densatoren und Metal Oxide Semiconductor Field Effect Transistoren (MOSFETs) vorgestellt.
Hierunter fällt insbesondere das Weichschalten der MOSFETs unter Nutzung des Resonant Pole
Prinzips (RPI, auch zero-voltage switching).
Kapitel 3: Systemkonzepte mit modulintegrierten Wandlern
Verschiedene Systemkonzepte mit potenziell hoher Lebensdauer werden analysiert. Folglich wer-
den einphasige AC-Module aufgrund der Notwendigkeit eines großen Energiespeichers, bedingt
durch das Leistungspulsen bei doppelter Netzfrequenz, nicht betrachtet. Ein kontinuierlicher Lei-
tungsfluss wird durch die folgenden Konzepte ermöglicht, klassifiziert mit der Verteilungsleitung
zwischen den Modulen.
• Dreiphasige AC Verteilung bei Netzfrequenz
• DC-Verteilung
• Dreiphasige AC Verteilung bei Mittelfrequenz
Niederfrequente dreiphasige AC-Systeme benötigen keine zentrale leistungselektronische Einheit
zur Kopplung ans Netz. Analysiert wurden zwei Varianten, ein zweistufiges Systemkonzept mit
DC-DC Wandler und Netzwechselrichter mit Spannungszwischenkreis (VSI) sowie ein System-
konzept mit Stromzwischenkreis (CSI). Der VSI wurde aufgebaut und vermessen. Trotz der vor-
teilhaften Implementierung mit frequenzvariabler Pulsweitenmodulation, in welcher gleichzeitig
der Effektivstrom minimiert wird und das Resonant Pole Prinzip durchgehend erhalten bleibt,
werden keine ausreichenden Wirkungsgrade erzielt und der Regelungsaufwand ist hoch. Der CSI
zeigt sehr gutes Verhalten, ist aber limitiert zu speziellen Hochvolt-Dünnschichtmodulen. Am En-
de benötigen beide Wandler eine zentrale Einheit für die Implementierung der Leistungsmessung
und Netztrennung.
Es existieren unterschiedliche Systememit DC-Verteilung, darunter der parallele-, der kaskadierte-
und der bypass-modulintegrierte Wandler. Unter diesen Systemen wurde das parallele modulinte-
grierte Wandlerkonzept, siehe Abbildung E.1, aus folgenden Gründen ausgewählt.
Es zeigt das höchste Maß an Flexibilität in Bezug auf eine beliebige Anzahl sowie eine beliebige
Art vonModulen und weist das höchsteMaß an Sicherheit auf. Da durch das hohe Spannungsüber-
setzungsverhältnis parallel modulintegrierter Wandler in der Regel Hochfrequenztransformato-
ren eingesetzt werden, kann für die Inbetriebnahme oder für Wartungsarbeiten die DC-Verteilung
geerdet werden. Dieses Sicherheitsmerkmal ist bei String- oder Zentralsystemen nicht gegeben.
Weiterhin ist diese Variante kostengünstig, da ein Maximum an Funktionalität (Netzeinspeisung,
ENS, Zähler, Schutz) in einer zentralen Einheit ausgeführt wird und ein Minimum an Funktiona-
lität (Leistungsregelung des PV-Moduls, Schutz durch Abschalten falls Vdstr einen gültigen Span-
nungsbereich verlässt) lokal an den Modulen implementiert wird. Die dreiphasige AC Verteilung
bei Mittelfrequenz reduziert sich auf eine Lösung mit Matrixkonverter als zentrale Einheit. Der
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Abbildung E.1: Parallel modulintegriertes Wandlerkonzept
Aufwand für diese Topologie ist größer als der des parallelen modulintegrierten Systemkonzepts
mit DC-Verteilung. Sie wurde damit von der weiteren Betrachtung ausgeschlossen.
Für die folgende Implementierung der kritischen Komponente, d.h. des modulintegrierten Wand-
lers, werden für ein typisches PV-Modul die Wandlerspezifikationen abgeleitet.
Kapitel 4: Der Serien-Parallel Resonante Wandler
Die abgeleiteten Wandlerspezifikationen können grundsätzlich mit einer Vielzahl unterschiedli-
cher Konvertertypen erfüllt werden. Innerhalb der klassischen Schaltnetzteile wurde sich auf-
grund geringer Schaltverluste, guter Regeleigenschaften und hoher Komponentenausnutzung für
die lastresonanten Wandler entschieden. Dabei zeigt Abbildung E.2 den multiresonanten LLCC-
Wandler. Ein serienresonanter Wandler ist beinhaltet und könnte während der späteren Optimie-
rung Ergebnis sein, falls die Parallelkomponenten zu Null oder Unendlich optimiert werden.
Lp
Cp
LsCs
reff
Resonanzkreis
vPV Vdstr
Abbildung E.2: Multi-resonanter LLCC-Wandler
Mit diesem Ansatz werden die folgenden Vorteile vereint:
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• potenziell hoher Teillastwirkungsgrad durch Serienresonanz
• volle Regelbarkeit über die Arbeitsfrequenz bei kleiner Frequenzvarianz durch Parallelre-
sonanz
• Geringe Schaltverluste durch geringe Abschaltströme, Ausnutzung des Resonant Pole Prin-
zips
• Geringe Störaussendung auf die DC-Verteilungsleitung: Die Diodenbrücke wird bei be-
grenztem dvdt geschaltet, gewährleistet durch die Snubberwirkung vonCp. Dies bedeutet wei-
terhin effiziente Schalteigenschaften der Dioden
• Hohe Komponentenausnutzung und potenziell hoher Wirkungsgrad
Eine einphasige sowie eine dreiphasige LLCC-Topologie werden weiter betrachtet. In ersten idea-
lisierten Rechnungen zeigen sich die enormen Einsparpotenziale passiver Komponenten bei drei-
phasiger Ausführung des Wandlers. Insbesondere die kapazitiv zu speichernde Energie der Zwi-
schenkreiskondensatoren kann bei sonst gleichen Anforderungen um den Faktor 35 reduziert wer-
den.
Die Konverter weisen fünf Freiheitsgrade auf, wobei ein Freiheitsgrad die Arbeitsfrequenz dar-
stellt. Im Hinblick auf maximale Effizienz liegt dieser bei 215 kHz, was als Zielgröße entspre-
chend für die Serienresonanzfrequenz im Folgenden genutzt wird. Bezüglich der anderen Para-
meter wurde eine Designprozedur zur Optimierung des Resonanzkreises entwickelt. Dabei wurde
festgestellt, dass der Resonanzstrom, die wesentliche Ursache für die unterschiedlichen Verluste,
dann kleiner wird, wenn der bezogene Parameter Ls/Lp sinkt und wenn Ls/Cs steigt. Dabei ist die
Wahl der Parameter dadurch begrenzt, dass die Schaltungsfunktionalität gewährleistet bleibt. Die
Optimierung bedeutet folglich, dass der Konverter genau auf den spezifizierten Bereich angepasst
werden muss. Kann der Konverter mehr Leistung als notwendig übertragen, so werden die Kur-
venformen für den spezifizierten Bereich schlechter. Die Optimierung der fünf Zielparameter wird
numerisch simulativ durchgeführt.
Kapitel 5: Design des Transformator-Induktor Bauteils
Für ein hocheffizientes Konverterdesign ist die genaue Einstellung der Parameter Ls/Lp und reff
von größter Bedeutung. Dies resultiert in optimierten Strom- und Spannungsformen bei Betrieb
des Wandlers. Weiterhin müssen, neben der Minimierung der Stresskomponenten selbst, die Ver-
lustmechanismen bei gegebenem Stress analysiert und minimiert werden.
Bezüglich des letzten Aspektes werden Kernverluste sowie DC-, Skin- und Proximitykupferver-
luste behandelt. DC- und Skinverlusten wird mit einem ausreichenden Kupferquerschnitt und der
Ausführung mit Litzdrähten begegnet. Bzgl. der Proximityverluste werden Analysen zur Inte-
gration von Kupferwindungen in weichmagnetische Kerne vorgenommen. Grundsätzlich muss
beachtet werden, dass keine hohe magnetische Feldstärke in die Windungen einstreut, weshalb
auch viele Lagen einer Wicklung ungünstig sind. Zusammen mit der Randbedingung einer ge-
ringen Bauhöhe zur Integration des Konverters auf der Rückseite eines Solarmoduls ergeben sich
Randbedingungen für den Aufbau der Kupferwicklungen. Die weichmagnetischen Materialien
sind weiterhin Gegenstand der Untersuchungen. Ferrite zum Führen des Flusses werden als am
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besten geeignet identifiziert. Zur Implementierung der Energiespeicher im Streu- und Hauptfluss-
pfad wird mit niederpermeablen Materialien und mit mehreren verteilten Luftspalten gearbeitet.
Abbildung E.3 zeigt die Varianten auf.
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Abbildung E.3: Untersuchte Transformatorgeometrieen
Zur Minimierung von Proximityverlusten sind grundsätzlich die Geometrien A und C besser ge-
eignet als die Nutzung mehrerer Ferritstäbchen, welche bei diskreten Luftspalten zu erhöhten
magnetischen Feldstärken führen. Als niederpermeable Materialien kommen Pulververbundwerk-
stoffe und Ferrit-Polymercompound (FPC) Folien in Frage. Mit FPC Materialien wird in den
folgenden Kapiteln weiter experimentiert. Die grundsätzlich aus den Verlustinformationen aus
Datenblättern gut geeigneten Pulververbundwerkstoffe standen dem Autor aus folgendem Grund
nicht zur Verfügung: Die Materialien, welche im Design dünne Plättchen darstellen, lassen sich
aufgrund des spröden Charakters und schlechten Aspektverhältnisses nicht durch Abschleifen grö-
ßerer Proben herstellen. Es wäre notwendig, separate Presswerkzeuge zur Produktion der Plätt-
chen zu bauen, was grundsätzlich möglich ist. Weiterhin werden auch die Geometrien B und C
weiter mitbetrachtet.
Für das konkrete Design der ein- und dreiphasigen Tranformator-Induktor Bauelemente wird ab-
geleitet, dass einer der wesentlichen Designparameter für die Schaltungsfunktionalität, nämlich
Ls/Lp, grundsätzlich unabhängig von denWindungszahlen ist, aber allein abhängig ist von der Geo-
metrie und vonMaterialparametern wie insbesondere der Permeabilität. Darauf aufbauend werden
Designregeln des Transformator-Induktor Bauteils hergeleitet. Mit der Wahl der Kerngrößen und
primärenWindungszahlen werden die Zielgrößen für Flussdichte und Stromdichte eingestellt. Erst
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danach wird die sekundärseitigeWindungszahl gewählt und die gewünschte effektive Transforma-
torenübersetzung sehr genau eingestellt. Für ein effizientes Design sind die folgenden drei Schritte
notwendig: Die Behandlung der Geometrie mittels Reluktanzmodell, mittels 2-D finite Elemente
Simulation sowie mittels experimenteller Anpassung. Begründet ist dieses mehrstufige Vorgehen
einerseits darin, dass schnell erste Startparameter für eine FEM Simulation vorliegen. Anderer-
seits weisen die Zielinduktivitäten eine sehr hohe Sensitivität gegenüber Parameterschwankungen
auf, die auch in einer Fehlerrechnung dargestellt wird.
Kapitel 6: Dreiphasige DC-DC Wandler
Der neu vorgestellte dreiphasige multiresonante LLCC- Wandler mit Spannungsausgang wurde
aufgebaut und getestet. Die vorgestellte Geometrie C in Abbildung E.3 ist dabei zwischen den
Phasen nicht symmetrisch. Da aber die Luftspalte die wesentlichen Reluktanzen ausmachen, liegt
grundsätzlich ein sehr hohes Maß an Symmetrie vor. Eine andere Ursache für Unsymmetrie sind
die nicht idealen Ferritkerne, welche durch die nicht vollständig rechteckigen äußeren Formen
weitere Luftspalte an den Stoßkanten zur Folge haben. Unsymmetrie und deren Konsequenzen im
Transformator-Induktor Bauteil wurde mit Hilfe einer dreiphasigen unsymmetrischen Induktivität
gemäß Abbildung E.4 analysiert.
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Abbildung E.4: Dreiphasige Induktivität zur Analyse und Diskussion von Unsymmetrien und de-
ren Effekten
• Unsymmetrie zwischen den Eigeninduktivitäten der einzelnen Phasen hat wesentlichen Ein-
fluss auf unsymmetrische Ströme und Spannungen. Unsymmetrie zwischen den Koppelin-
duktivitäten der Wicklungen hat dagegen einen nur geringen Einfluss. Der Zusammenhang
zwischen einer Unsymmetrie der magnetischen Anordnung und einer Nullkomponente im
Fluss wird dargelegt.
• In einem unsymmetrischen System kann der Nullfluss über einen entsprechenden Nullfluss-
pfad geringer Reluktanz geleitet werden (Rm,0 klein) oder der Nullfluss selbst wird mit einer
großen Reluktanz im Nullflusspfad minimiert. Die zweite Maßnahme führt zu signifikanten
Streufeldern.
• Wird eine dreiphasige Induktivität im Dreieck verschaltet, dann können Ringströme den
Nullfluss teilweise kompensieren. Bei Unsymmetrie kann mit dem Design der Reluktanz
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im Nullflusspfad die Höhe des Ringstroms entgegen der Höhe des Nullflusses eingestellt
werden.
• Unsymmetrie im Fluss kann einfach detektiert werden durch die nicht idealen Klemmen-
spannungen der Windungen. Im aufgebauten Wandler bewegt sich die Unsymmetrie im
Bereich von 10%.
Neben der Unsymmetrie zeigte sich ein gravierender Effekt, nämlich ein deutlicher Anteil Harmo-
nischer im Stromspektrum der Resonanzströme. Die Analyse zeigte, dass in der gegebenen An-
wendung der Diodengleichrichter während einer Periode zweifach schaltet. Da immer mindestens
zwei Dioden gleichzeitig eingeschaltet sein müssen und da der Kommutierungswinkel der Dioden
60° überschreitet, kann der Betrieb mit einfacher Schaltfrequenz nicht funktionieren. Folglich tre-
ten signifikante Anteile der fünften und siebten Harmonischen auf. Da das Spannungsspektrum
der aktiven dreiphasigen MOSFET Brücke diese Harmonischen auch aufweist, werden diese auch
im Resonanzstrom sichtbar. Insbesondere wird Leistung über die Harmonischen übertragen. Es
liegt ein sehr großer Blindleistungsanteil vor.
Damit scheidet dieser Wandler von der weiteren Betrachtung aus. Dennoch wurden unterschied-
liche Ideen geboren und Designregeln für dreiphasige Wandler abgeleitet. Die Vorteile dreipha-
siger DC-DC Wandler werden sich einstellen, wenn eine der folgenden Maßnahmen eingehalten
wird:
• Aufbau eines Diodengleichrichters mit Stromausgang
• Aufbau eines Diodengleichrichters mit Spannungsausgang und einem Resonanzkreis, wel-
cher einen Leitwinkel der Dioden > 120° gewährleistet, z.B. Serienresonanzwandler
• Aufbau eines aktiven Gleichrichters, d.h. Aufbau der Dual Active Bridge
Werden Transformatoren mit elektrischer Stern-Dreieck Verschaltung eingesetzt, so begünstigt
dies die Stromformen. Da sich aber im Vergleich zu anderen Konfigurationen die Flussverläufe
signifikant voneinander unterscheiden, muss der Implementierung von Streuflusspfaden besondere
Beachtung geschenkt werden.
Kapitel 7: Einphasiger Prototyp
Ein multiresonanter einphasiger Prototyp wurde demonstriert, siehe Abbildung E.5.
Das einphasige Transformator-Induktor Bauteil wurde mit zwei Geometrien in Abbildung E.3
vorgeschlagen. Aus dem schon genannten Grund, dass Pulververbundwerkstoffe nicht erhältlich
waren, wurde Geometrie A mit niederpermeablen Ferrit-Polymercompoundfolien aufgebaut. Es
konnte gezeigt werden, dass zwei unterschiedliche Materialproben diesen Typs den hohen Wir-
kungsgradansprüchen nicht gerecht werden können. Daher wurde die unter Proximitygesichts-
punkten schlechtere Geometrie B mit mehreren Luftspalten zur Realisierung der Induktivitäten
aufgebaut. Als größte Komponente im System mit einer Bauhöhe von 22.5mm ist die Integration
in ein Gehäuse bei der spezifizierten Bauhöhenbegrenzung von 30mm möglich.
Der komplette Konverter wurde elektrisch charakterisiert. Wie von den Simulationen erwartet,
wird die übertragene Leistung durch den Resonanzkreis begrenzt. Der kritische Designpunkt liegt
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Abbildung E.5: Einphasiger Wandlerprototyp
dabei bei kleinen PV-Eingangsspannungen. Bei erhöhten Eingangsspannungen von 40V konnte
eine übertragene Leistung > 400W demonstriert werden. Dabei lag die Begrenzung nicht durch
den Resonanzkreis vor. Überspannungsspitzen zu den Schaltzeitpunkten erreichten bei den erhöh-
ten Leistungen die Begrenzung der keramischen Zwischenkreiskondensatoren von 50V.
Der Konverter wurde hinsichtlich der Effizienz untersucht, insbesondere bei 35V PV-Spannung,
bei der für das exemplarisch gewählte PV Modul die Europäische Effizienz definiert ist. Inklusive
Regelung konnten 96% Europäischer Wirkungsgrad demonstriert werden. Die größte Erwärmung
wurde unter Laborbedingungen mit ∆T = 16K festgestellt. Die Verlustverteilung wurde disku-
tiert auf Basis von simulierten Verlusten, da viele Experimente systematische Grenzen hatten,
wie zum Beispiel die aufgrund der kleinen Schaltzelle nicht messbaren MOSFET Ströme. Poten-
ziale zur Effizienzsteigerung wurden aufgezeigt, darunter die Erhöhung der Kerntemperatur, da
die genutzen Ferrite bei 100°C die besten Verlusteigenschaften aufweisen. Weiterhin würde der
Einbau des Konverters in ein Gehäuse Kabellängen verringern, der Aufbau unter Nutzung von
Pulververbundwerkstoffen als niederpermeables Material wird Proximityverluste vermindern und
schließlich wird eine Reduzierung der Arbeitsfrequenz zu besserem verlustverhalten führen.
Die Zuverlässigkeit des Wandlers wurde adressiert. Nach einem Vergleich zu anderen Arbeiten
auf modulintegrierten Wandlern konnte eine Reihe von Vorteilen aufgelistet werden, welche die
Folgerung zulassen, dass der Wandler eine ausreichende Lebensdauer aufweist.
Bei den ökonomischen Aspekten wird zunächst der Energiegewinn von modulintegrierten Sys-
temkonzepten verglichen mit klassischen Wandlerkonzepten in Falle von PV-Generator Fehlan-
passungen. Dabei ist der Überschuss signifikant vom Grad der Fehlanpassung, meist durch Schat-
tenwurf verursacht, abhängig. Wird nur direkter Schattenwurf von umstehenden Gebäuden etc.
betrachtet, so wurden verschiedene echte, keine extremen Fälle aufgezeigt, wo sich modulinte-
grierte Wandlerlösungen in Bezug auf den Energiegewinn auszahlen. Bezüglich der Kosten wird
das vorgeschlageneWandlerkonzept günstiger angesehen als ein kürzlich vorgeschlagenes System
mit 2.5 stufiger Topologie mit AC Ausgang. Dennoch sind die Kosten der Photovoltaiksysteme
und insbesondere des vorgeschlagenen Systemkonzepts im betriebswirtschaftlichen Sinne hoch.
Dem stehen die Aussagen der Enquete Kommission gegenüber, nach denen makroökonomische
Kosten der unterschiedlichen Energieformen angesetzt und bewertet werden müssen. So zeigen
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modulintegrierte Wandler die Möglichkeit auf, bereits versiegelte Flächen wie Fassaden nachhal-
tig zu nutzen und das für die PV nutzbare Flächenpotenzial im großen Maßstab zu vergrößern.
Kapitel 8: Zusammenfassung und Schlussfolgerungen
Photovoltaische Energiewandlungssysteme gibt es für eine Vielzahl unterschiedlicher Systemkon-
zepte. In dieser Arbeit liegt der Fokus auf modulintegrierten Systemlösungen, welche eine hohe
Robustheit gegenüber Fehlanpassungen, beispielhaft verursacht durch Teilabschattungen, aufwei-
sen.
Unterschiedliche modulintegrierte Wandlerkonzepte werden verglichen. Das Systemkonzept mit
DC-Verteilung und parallelen modulintegrierten Wandlern weist das höchste Maß an Flexibilität,
Sicherheit und die potenziell geringsten Kosten auf. Auf diese Weise kann der modulintegrierte
Wandler, d.h. die kritische und tendenziell kostenintensive Komponente am Modul, auf die mini-
male Funktion vonMaximalleistungsregelung und Sicherheit bei hoher Effizienz und Lebensdauer
ausgelegt werden. Eine multiresonante Topologie wird zur Realisierung desWandlers identifiziert,
da sie die Regelbarkeit, hohe Teillastwirkungsgrade, weiches Schalten der Siliziumbauelemente
und eine hohe Komponentenausnutzung verspricht.
Die Auslegung der fünf Freiheitsgrade im Resonanzkreis wird methodisch erarbeitet und nume-
risch simulativ durchgeführt. Eine gute Auslegung und damit günstige Strom- und Spannungs-
formen liegen dann vor, wenn der Resonanzkreis gerade knapp die Arbeitspunkte anfahren kann,
die spezifiziert sind. Das Design des Transformator-Induktor Bauteils wird durchgeführt einer-
seits zur Minimierung der Verlustmechanismen und andererseits zur Einstellung der elektrischen
Parameter. Die Designregeln nutzen dabei direkt geometrische Zusammenhänge. Ein dreiphasi-
ger Wandler wird aufgebaut und eingehend hinsichtlich Unsymmetrie und harmonischen Strömen
beschrieben und analysiert. Der gesnubberte Diodengleichrichter mit Spannungsausgang ist da-
bei verantwortlich für den Ausschluss der dreiphasigen Variante. Um die Vorteile dreiphasiger
Wandler richtig zu nutzen werden Designregeln aufgelistet.
Ein einphasiger Prototyp wird vorgestellt und charakterisiert. Wie erwartet limitiert der Resonanz-
kreis die Funktion auf die Spezifikationen, allerdings wurden bei erhöhten Eingangsspannungen
Leistungen > 400W demonstriert. Der bei 250kHz arbeitende Wandler weist einen Europäischen
Wirkungsgrad, inklusive Regelung, von 96% auf. Der vorgeschlagene Wandler zeigt Vorteile ge-
genüber kommerziellen Produkten und ist, im makroökonomischen Sinn, für den großflächigen
Einsatz geeignet.
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